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Abstract 
Power electronics is an enabler for the low-carbon economy, delivering flexible and 
efficient control and conversion of electrical energy in support of renewable energy 
technologies, transport electrification and smart grids. Reduced costs, increased 
efficiency and high power densities are the main drivers for future power electronic 
systems, demanding innovation in materials, component technologies, converter 
architectures and control. Power electronic systems utilise semiconductor switches 
and energy storage devices, such as capacitors and inductors to realise their primary 
function of energy conversion. Presently, roughly 50% of the volume of a typical 
power electronic converter is taken up by the energy storage components, so reducing 
their weight and volume can help to reduce overall costs and increase power densities. 
In addition, the energy storage densities of inductors are typically much lower than 
those of capacitors, providing a compelling incentive to investigate techniques for 
improvement. 
The main goal of this research was to improve the design of an inductor in order to 
achieve higher energy densities by combining significantly increased current densities 
in the inductor windings with the ability to limit the temperature increase of the 
inductor through a highly effective cooling system. Through careful optimisation of 
the magnetic, electrical and thermal design a current density of 46 A/mm2 was shown 
to be sustainable, yielding an energy storage density of 0.537 J/ kg. A principal target 
for this enhanced inductor technology was to achieve a high enough energy density to 
enable it to be readily integrated within a power module and so take a step towards a 
fully-integrated “converter in package” concept. The research included the influence 
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of the operating dc current, current ripple, airgap location and operating frequency on 
the inductor design and its resulting characteristics. High frequency analysis was 
performed using an improved equivalent circuit, allowing the physical structure of the 
inductor to be directly related to the circuit parameters. These studies were validated 
by detailed small-signal ac measurements. The large signal characteristics of the 
inductor were determined under conditions of triangular, high-frequency current as a 
function of frequency, current (flux) ripple amplitude and dc bias current (flux) and a 
model developed allowing the inductor losses to be predicted under typical power 
electronic operating conditions.  
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1 Chapter 1- Introduction 
Climate change is one of the greatest global challenges due to its potential negative 
impact on mankind, thus governments and industries around the world are 
encouraging technological innovation towards reducing the release of green-house 
gases such as 𝐶𝑂2 into the atmosphere and preventing a further worsening of the 
environment to protect the health of current and future generations. Transport, which 
depends heavily upon fossil fuels contributes a significant proportion of greenhouse 
gas emissions which is responsible for global climatic change [ 1]. To avoid such 
problems and protect the environment, clean electric vehicles such as hybrid electric 
vehicles are being developed and their use is encouraged. Thus, the increased use of 
hybrid and electric vehicles for ground transportation has resulted in an increased 
demand for more power dense electrical systems.  
Power electronics is an enabler for the low-carbon economy, delivering flexible and 
efficient control and conversion of electrical energy in support of renewable energy 
technologies, transport electrification and smart grids. Reduced costs, increased 
efficiency and high power densities are the main drivers for future power electronic 
systems, demanding innovation in materials, component technologies, converter 
architectures and control. Power electronic systems utilise semiconductor switches 
and energy storage devices, such as capacitors and inductors to realise their primary 
function of energy conversion. Presently, roughly 50% of the volume of a typical 
power electronic converter is taken up by the energy storage components, so reducing 
their weight and volume can help to reduce overall costs and increase power densities. 
In addition, the energy storage densities of inductors are typically much lower than 
those of capacitors, providing a compelling incentive to investigate techniques for 
improvement. 
1.1 High power density converter 
Many of the recent studies [ 2] [ 3] into power electronic integrated systems have 
focused their attention on improving their performance in order to achieve higher 
power densities, reduced size, increased efficiency and reliability. In automotive and 
aerospace applications where mass and space are at a premium it is desirable to 
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minimise the system mass and consequently enhance power density W per kg [ 4][ 5]. 
As weight has a dramatic impact on energy savings, 𝐶𝑂2  emissions and operational 
costs [ 6], topologies which satisfy these demands are needed.  
Benefits such as improved efficiency, improved thermal performance, and high power 
density can be obtained on different ways. One method involves the interleaving 
technique. For high power applications, interleaving multi-channel converters is 
considered a good solution in order to meet certain system requirement, especially 
considering any limitation on performance of the available power devices. One such 
example can be found in the application of a Superconducting Magnetic Energy 
Storage System (SMES) [ 7]. Other studies have presented interleaved boost 
converters with coupled inductors [ 8] [ 9] where, higher frequency operation can be 
achieved for capacitive components by using interleaved technique. The effective 
ripple frequency the capacitive elements see is increased due to the interleaved 
structure. In general, the frequency is doubled with two interleaved cells and tripled 
for three etc. Researches have managed to achieve a power density up to 142.9 𝑊. 𝑖𝑛−3 
[8720 𝑘𝑊.𝑚−3] using a 2 kW inverter with an interleaving technique [ 10]. Another 
study [ 11] has presented a DC-DC converter with power density 4.3 𝑘𝑊. 𝑘𝑔−1. The 
converter uses a water cooled cold-plate and magnetic components potted in 
aluminium heat-sinks to achieve the power density. 
In general, a power converter typically consists of switching devices such as Silicon 
MOSFETs or IGBT’s, control circuits and passive components such as capacitors, 
inductors and resistors. The passive components, particularly the inductors, are often 
bulky and typically the largest components within a converter as they represent around 
half the mass of a packaged power converter, in some cases their contribution is up to 
70 %.Thus, they becomes the obstacle to further reduce the size of DC-DC converters 
[ 12] [ 13]. One solution for downsizing passive components is to increase the 
switching frequency of the power devices [ 14]. However, the disadvantage of this 
technique is that it leads to additional problems such as increased Electro-Magnetic 
Interference (EMI), thermal stress in active/passive devices and increased cooling 
requirements. Therefore, further solutions and considerations are required in order to 
achieve high power density [ 15]. 
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The new generation of Silicon Carbide (SiC) and Gallium Nitride (GaN) power 
devices have the ability to operate at higher temperatures and higher switching 
frequencies than the typical Silicon (Si) power devices [ 16] [ 17]. With higher current 
density chips compared to their silicon counterparts, smaller packages could be 
obtained.  Also, if operating frequencies are increased, the physical size of the passive 
components can be reduced, while maintaining or improving the efficiency [ 14]. In a 
previous study [ 18], a comparison of an all silicon matrix converter switching at 8kHz 
showed the same efficiency as a hybrid SiC-Si (SiC Schottky barrier diodes used 
instead of Si PN diodes) matrix converter operating at 19kHz. Thus, the inclusion of 
Silicon Carbide (SiC) devices can have a dramatic effect on the converter as it has a 
significant impact on the size and weight of the passive filter components. However, 
the advantageous features of these new devices cannot be presently fully utilised due 
to limitations in the packaging technologies being presently employed and there are a 
significant number of issues which require consideration including the inter-
component interactions of the power converter [ 19]. 
In another study [ 20] a technology which can fulfil the requirements of achieving 
high-power-density and high-efficiency in DC/DC converters has been proposed. In 
this study the passive components have been downsized without the need for high-
switching frequency of the power devices by using interleaved multi-phase circuits 
with integrated magnetic components. However, extra attention to the DC-biased 
magnetization of integrated magnetic components is needed when using this method 
and inductor average current control needs to be implemented in interleaved multi-
phase DC/DC converters so that current sharing between the individual modules can 
be achieved. 
In general, increasing the operating frequency and by fully utilising the core and 
conductor materials to the limit of their magnetic flux density and current density 
respectively alongside the choice of magnetic core structures and materials will lead 
to a reduction in volume and weight of inductors and will enable significant 
improvements in the energy density, hence, the power density of the converter can be 
increased. [ 21] [ 22 ]. 
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1.2 Classical Approaches to high Energy density Inductors  
The inductor is one of the most important parts in a variety of switched mode power 
converters ranging from buck converter, boost converter to full bridge or half bridge 
converters, among others [ 23]-[ 29]. In a boost DC-DC power converter, power 
inductors store energy in the form of magnetic field during the time interval when the 
control switch is turned on and they discharge the stored energy to support the current 
flow to the load during the time interval when the synchronous output switch (or 
output diode) is on. The desired inductance value for a power converter is normally 
determined based on the switching frequency, maximum inductor current ripple, input 
voltage and output voltage [ 30]. Power converters with higher switching frequency 
and similar ripple, require a lower value of inductance and hence smaller size [ 14]. 
However, switching frequency is limited by switching power losses and temperature 
rise [ 31], moreover, the size of an inductor may be determined by the  desire to prevent 
the core from saturation at high current [ 30] [ 32]. 
Different approaches have been taken over the years in order to achieve larger 
inductance including the increases in permeability, higher saturation magnetization, 
higher frequency and lower loss magnetic materials for inductor cores [ 33] [ 34]. Also, 
improving the magnetic core structure such as in the use of multi-permeability cores 
which improves the utilization of the magnetic core material [ 35]-[ 39]. In addition to 
improving the winding structure to reduce the winding losses and increase the inductor 
power density [ 40] [ 41].  
Magnetic material selection is one of the main issues in the inductor design which also 
depends on the system requirements and the trade-offs between the efficiency, specific 
power loss, weight, geometric dimensions and operating temperature [ 42][ 43] it is a 
challenge to find an ideal balance between these aspects and it can be accomplished 
through coupled electromagnetic, loss and thermal analyses [ 21],[ 44]. Hilal and 
Cougo [ 43] have presented an optimization of power inductors with the minimum 
weight for three-phase high-power-density inverters (540V-DC) of variable current 
ripple (10% to 200%) and switching frequency (10 kHz to 100 kHz) to be used in 
aircraft applications. Results showed that the highest inverter power densities and 
efficiency were achieved using Ferrite core material. The highest power density was 
achieved for a current ripple of 100%. Since the switching frequency must be high in 
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order to decrease the filter size and the current ripple high to decrease switching losses, 
only the use of low loss materials will result in high efficiency and power density of 
this inverter. Although other materials such as amorphous, Nanocrystalline, FeSi, and 
iron powder, have high saturation flux densities, a high ripple current induces high 
magnetic losses in these cores and consequently prevents these cores from operating 
at high flux densities where it is difficult to get the heat out of the material. 
Accordingly, these materials result then in cores having greater cross sectional areas 
than ferrite.  
Nevertheless, when magnetic components (inductors and core materials) in high 
power density converters are designed it is important to calculate their losses as the 
temperature of the components tends to be high because loss density is also increased 
by the high power density. It has been suggested in previous studies [ 45] - [ 48] that 
there are practical effects of frequency, DC bias, airgap fringing and duty cycle on 
core power loss, all materials can experience increased core losses due to these effects. 
Therefore, adequate cooling is required to evacuate the loss and maintain an operating 
temperature below the thermal limit of the materials. Thus, it is important to predict 
the thermal behaviour of the inductor, some studies have presented analyses of the 
inductor temperature caused by the losses with the help of both FEA (Finite Elements 
Analysis) and measurements [ 22] [ 49]. As a result, further size reduction and the 
possibility of applying a higher current through the inductor and hence a higher energy 
density can be achieved by using improved cooling methods [ 48]-[ 50]. 
1.3 Research Objective 
The main goal of this research is to improve the design of an inductor in order to 
achieve higher energy densities by applying higher current densities, with the ability 
to limit the temperature increase of the inductor with the usage of an efficient cooling 
system. A principal target for this enhanced inductor technology was to achieve a high 
enough energy density to enable it to be readily integrated within a power module and 
so take a step towards a fully-integrated “converter in package” concept. The analysis 
of this structure at high frequencies will also be done in order to determine the high 
frequency performance and their suitability to be included in the high frequency EMI 
filter. 
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In addition, the choice of magnetic material for the design is not straightforward as the 
operating DC current, current ripple, airgap length, number of air gaps and operating 
frequency, all have a strong influence on the inductor size and high frequency 
behaviour. Thus, the following step will be done, in order to achieve high energy 
density by applying high current density and high switching frequency, considering 
these consequential aspects:  
1- The compact inductor needs to be operated with a high current of up to 80A-
DC as a part of a power converter using wide band-gap devices, in order to 
filter the high frequency harmonics where long feeder lines or stringent power 
quality requirements are in place, with a desired inductance of around 25 µH. 
These values have been chosen in consideration with the existing project 
requirements [ 51].  
2- Following the structure proposed in the study [ 51] in order to accomplish the 
maximum energy density whilst utilizing the minimum space, integration of 
the passive components with the thermal management sub-system,  
substantially increases the potential power density of a typical high power 
system. Figure 1.1 shows the design constraint perspective with the available 
space for a single unit of a standard basic power cell with every part including 
the inductor and the magnetic core on the substrate.   
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Figure 1.1- Design constraint perspective; (a) A schematic of available space 
for the inductor and the magnetic core on the substrate. (b)The illustrated 
schematic a converter topology with proposed cored inductors soldered on the 
copper substrate next to other active components  [ 51]. 
3- The coil shape with a rectangular cross section, as shown in Figure 1.2-(a),  
was predefined to suit the volume available within the package on the substrate 
on one hand, and in order to enhance heat conduction by increasing the cross 
sectional area, which also increases the inductance per unit volume. 
4- The coil has been soldered to the DBC (Direct Bonding Copper), with the turns 
positioned carefully on the strands, as shown in Figure 1.2-(b)&(c), avoiding 
short circuits by separating the gaps between the strands with high temperature 
paper strips, filling the solder paste then fixing the inductor on the substrate 
with each turn in the exact position. 
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Figure 1.2- (a) A Rectangular cross section solenoid inductor with rectangular 
cross section copper winding.(b) DBC with the strands where the inductor 
winding will be soldered.  (c) DBC with the strands and high temperature 
separating paper strips.  
5- The magnetic material geometry design will be improved to achieve the 
desired inductance in the available volume when operated at the maximum 
current. A distributed air gap system will be introduced in order to avoid core 
saturation at high current.  
6- A direct liquid cooling technology will be used in order to reduce the high 
temperature which may result high current through the inductor. Having the 
inductor on the same substrate level with the other power module components 
gives the chance of cooling both the passive and active components using the 
most advance direct liquid cooling. Although the size of the inductor and the 
cooling substrate is reduced, there is a trade- off because of the need for the 
other part of the liquid cooling system (the pump and the pipe) as a part of the 
improved direct liquid cooling system which increases the total size of the 
system. 
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 The magnetic components will be characterized in order to predict their 
resonant frequency and parasitic capacitance when operating at high switching 
frequencies. A Novel lumped model in order to find the equivalent electric 
circuit of the winding for fast determination of the resonance frequency of the 
inductor is proposed. 
7- To study the losses produced in this components and identification different 
sources of losses will be accomplished by taking into account the performance 
of the component under the large signal ripple and an instantaneous DC bias 
(part of a low frequency AC component). The challenging contribution is in 
separating and measuring the losses of the air gapped core under AC current 
and DC bias. a new analytical approach is introduced to describe core loss 
calculation under DC bias conditions 
Figure 1.3 shows the flow chart of the thesis. 
 
Figure 1.3- The flow chart of the thesis.  
Achieving high energy 
density  
Applying high 
current density 
Reducing 
inductance 
High frequency 
switching 
Modelling the 
inductor at high 
frequencies 
Increasing the parasitic 
effect in the inductor 
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1.4  Outline of this Dissertation 
The rest of this dissertation will be organized as in the following chapters with a 
literature review for each chapter: 
Chapter 1  is the introduction of the thesis will highlight the classical approach to the 
high energy density inductors, introduce the research objective and outline the 
dissertation.  
Chapter 2 will introduce a solution for the structural integration of high energy 
density inductors into power electronic modules at the substrate level. The design will 
be improved for minimum volume and maximum current in order to achieve a high 
current density and hence, a high energy density. Considering the design constraints, 
the available volume and the fact that air cored inductor’s energy storage densities are 
generally too low, a magnetic core will be added to obtain the maximum inductance. 
In order to avoid core saturation at high current, a distributed air gap system will be 
introduced in order to achieve the desired inductance in the available volume when 
operated at the maximum current.  
Chapter 3 aims to build on thermal simulation, theoretical analysis and experimental 
results and focuses on achieving high current density by applying high current up to 
80 A through the inductor. A single cooling method will be applied on the bottom 
copper substrate of the DBC on to which the inductors are soldered. The thermal aspect 
of the proposed package (inductors and DBC) will be analysed in order to understand 
the heat flow through it and determine the performance of the individual parts. 
Chapter 4 will characterize the magnetic components and model the inductor at high 
frequency and predict their resonant frequency and parasitic capacitance at high 
frequencies. An equivalent electric circuit of the inductor will be proposed and solved 
in LTSPICE. Then the method will be validated experimentally.  
Chapter 5 will investigate in the performance of the designed inductor, under realistic 
operating conditions, where the magnetic component can be used as the output filter 
in a PWM inverter or a DC/DC converter, taking into account the performance of the 
component under the large signal AC ripple and an instantaneous DC bias (part of a 
low frequency AC component).The magnetic losses and their dependency on the 
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frequency and flux density will be examined in detail within this chapter, as large 
signal characterisation, unlike the small signal analysis, is limited to lower frequencies 
(some 250 kHz). However, they provide conditions which are closer to those in the 
real applications and therefore one can rely on the characterisation results to estimate 
the performance of the magnetic component. Operating within these conditions will 
produce different level of losses in the core compared to losses that are given by the 
datasheet values and this will be presented. 
Chapter 6 is the conclusion of the thesis will highlight the main contributions and the 
summery of the chapter. It will also discuss the suggested further work. 
1.5 Conclusion 
In this chapter the classical approch to high energy density undector is highlighted , 
the reasearche objective is explained with the referingto the main contribution and 
novoloty of the thesis and the study is outlined.  
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2 Chapter 2- Design of Inductor and Core Geometry 
2.1 Introduction 
This chapter introduces a solution for the structural integration of a high energy density 
inductor into power electronic modules in order to achieve high power density 
converters. This is done by considering the issues relating to the integration of 
inductors, specifically due to their relatively large volume, their winding losses and 
parasitic capacitance. Also, due to the fact that in general, an air cored inductor’s 
energy storage density is too low, a magnetic core is added to obtain the maximum 
inductance L for the available volume. As the main key to achieve a high energy 
density will be by applying a high current since energy density is proportional to the 
square of the current through the inductor, a design of cored inductor based on a 
solenoid geometry without the use of multiple layered windings is proposed in order 
to facilitate heat removal from the windings. The design was improved for minimum 
volume and maximum current density in order to achieve a per unit energy density 
with highest inductance L. In order to avoid core saturation at high current, a 
distributed air gap system is introduced and analysed in order to achieve the maximum 
inductance while minimising the losses for the available volume when operated at the 
maximum current. Ferrite N95 [ 52] was used as the core material. 
The influence of the core material geometry and airgap will be determined by 
investigating the change in its inductance against an increasing DC current and the 
saturation effect will be examined with the usage of Maxwell16.0 3D software 
(Magneto-static solver) and then validated experimentally together with the proximity 
effect of the air-gap to the windings and its effect on the losses. 
2.1.1 High Current Density Inductor Design 
Most of the recent studies [ 2] [ 3] into integrated power electronic systems have 
focused their attention on improving their performance in order to achieve higher 
power densities, reduced size and increased efficiency. Passive components, mainly 
inductors, transformers and capacitors, are often the largest parts of a converter and 
consume the largest amount of manufacturing raw materials. Furthermore, inductors 
are often responsible for the much of the power loss and volume of the converter [ 12].  
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Researchers in a previous study [ 53] have optimised the trade-off between applying 
high current, reducing the inductor size, introducing air gap to the core in order to 
avoid the saturation at high current values, and thermal management. In this study they 
used a silicon-carbide MOSFET with a switching frequency up to 60 kHz in order to 
increase the power density and by maintaining a high current (72.5 A RMS) and 
increasing the switching frequency, the inverter side inductance has been reduced and 
core size has also been decreased in size. 
The concept of integrating inductance structures into power module substrates was 
introduced by the author during the work carried out for this thesis [ 49], where, the 
feasibility of using high current density and thus high energy density inductors by 
providing an efficient path for the heat to the thermal management system has been 
investigated. 
With the aim of designing a compact and efficient inductor, material selection is one 
of the main issues in the inductor design depending on the system requirements and 
the trade-offs between the efficiency, specific power loss, weight, and operating 
temperature. Thus, the inductor’s design optimisation should take into account the 
inductor’s geometric parameters, magnetic properties, core material selection, losses 
and temperature. The following section discusses the basics of the design of an 
inductor. 
2.2 Basic Design of Inductor 
An inductor is able to create a magnetic field and store magnetic energy in this field. 
A coil is generally formed by winding a wire (conductor) on a cylindrical former, 
called a bobbin [ 54]. One of the most basic forms used for an inductor is the solenoid 
which could have either a rectangular or circular cross section using either square cross 
sectional copper windings or a rounded cross section copper winding, as shown in 
Figure 2.1. 
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Figure 2.1-(a) Rectangular cross section solenoid inductor with square cross 
section copper winding. (b) Rounded cross section inductor with rounded cross 
section copper winding. 
In general, any conductor has an inductance, and this inductance depends on: 
1. Winding geometry. 
2. Core and bobbin geometry (for instance a solenoid geometry). 
3. Permeability of the core material. 
4. Frequency. 
There are several general methods to determine the inductance depending on the 
kind of inductor and these discussed in the following sections. 
2.2.1 Air cored solenoid Inductor 
In an air-cored solenoid, the magnetic field is concentrated into a nearly uniform 
field in the centre of a long solenoid, as shown in Figure 2.2. 
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Figure 2.2- Air cored solenoid inductor (coil) with N turns of winding.  
By using the standard derivations [ 54], the magnetic flux density B (T) within the 
coil is practically constant and given by: 
 B = μ0H : H=
𝑁𝑖
𝑙𝑐
 EQ 2.1 
Where μ0 = 4π × 10
−7 (H.m−1) is the permeability of free space, N is  the number 
of turns, i is  the current, 𝑙𝑐 is the length of the coil and H is the magnetic field (A.turn). 
Ignoring end effects, the total magnetic flux through the coil is obtained by 
multiplying the flux density B by the cross-section area 𝐴𝑐𝑜𝑖𝑙: 
 Φ = μ0
𝑁𝑖𝐴𝑐𝑜𝑖𝑙
𝑙𝑐
 EQ 2.2 
Combining this with the definition of inductance: 
 𝐿 =
𝑁Φ
𝑖
  EQ 2.3 
and the inductance of a solenoid L [Henry]follows as: 
 𝐿 = μ0
𝑁2𝐴𝑐𝑜𝑖𝑙
𝑖
 EQ 2.4 
Where 𝐴𝑐𝑜𝑖𝑙 is the cross section of the coil, 𝑙𝑐 is the coil’s length and N is the number 
of turns carrying the current i. 
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2.2.2 Inductor with Magnetic Core 
Ferromagnetic materials have a relative permeability μr ≫  μ0 which depends on the 
magnetic flux B. For air-cored inductors, μ0 creates a straight line slope when 
comparing B and H  for all values of H thus the relationship between the magnetic 
field H and the flux density B is linear. While for ferromagnetic cored inductors the 
B-H relationship is a nonlinear and it is described by EQ 2.9. Figure 2.3 shows 
simplified plots of the magnetic flux density B as a function of the magnetic field 
intensity H (large signal DC) for both air-cored and cored inductors. 
 
Figure 2.3-Simplified plots of magnetic flux density B  as a function of 
magnetic field intensity H (large signal DC) for air-core inductors (straight 
line) and ferromagnetic core inductors (piecewise linear approximation) [ 54] 
At low values of the magnetic flux density B < BS (where BS is the saturation point of 
B), the relative permeability μr is high and the slope of the B-H curve μr μ0 is also 
high. For B > BS  , the core saturates and  μr = 1, reducing the slope of the B-H curve 
to μ0. 
Figure 2.4-(a) shows an inductor composed of a core and a winding, while Figure 2.4-
(b) shows the equivalent magnetic circuit.  
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Figure 2.4- (a) An inductor composed of a core and a winding  with number of 
turns N. (b) Equivalent magnetic circuit  [ 54]. 
An inductor with N turns carrying a current i produces the MMF (A.turn) (also called 
the magneto-motive force which forces a magnetic flux φ to flow)[ 54].  
By using the standard derivations [ 54], the MMF is given by: 
 MMF = Ni  EQ 2.5 
For a uniform magnetic field and parallel to path 𝑙𝑚, the MMF is also given by 
 MMF = H 𝑙𝑚  EQ 2.6 
 
The magnetic field intensity H (𝐴. 𝑡𝑢𝑟𝑛.𝑚−1 ) is defined as the MMF per unit length: 
 H =  Ni/𝑙𝑚  EQ 2.7 
𝑙𝑚 is the magnetic length in the core (Figure 2.4), N is the number of turns carrying 
the current i.  
The magnetic flux φ per unit area Ac creates the magnetic flux density B (T) which is 
given by: 
 B =
Φ
Ac
  EQ 2.8 
 
These two quantities, magnetic field and magnetic flux density, are associated to each 
other by: 
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 B =  μ0 × μr × H  EQ 2.9 
Where μ0 = 4π × 10
−7 (𝐻.𝑚−1) is the permeability of free space, μr is the relative 
permeability of the core material and 𝜇=μ0 × μr is the permeability.  
Finally, the inductance L (H) of an inductor with a core with a permeability 𝜇 
(Figure 2.4) can be obtained by: 
 L =  μ0 × μ ×
𝑁2𝐴𝑐
𝑙𝑚
  EQ 2.10 
Where 𝐴𝑐 is the cross section of the core, 𝑙𝑚 is the magnetic length and N is the number 
of turns carrying the current. 
Applying a DC current will increase the magnetic field intensity H. Since H increases, 
the flux density B will also increase according to EQ 2.9. Further increase of DC bias 
will push the inductor operating point to the saturation region (Figure 2.3) where the 
relative permeability (μr) is decreased and the value of inductance will drop according 
to EQ 2.10 where the inductance L is proportional to the permeability μ. 
The saturation of the magnetic core at high currents can be prevented by using two 
approaches. One is selecting low permeability materials, and the second is to reduce 
the effective permeability of the material by inserting low permeability areas or more 
typically an airgap in the material. The air gap is described as a reluctance to the 
magnetic flux density and it changes the effective B-H characteristics of the core as 
will be explained in the following sections. 
2.2.3 Inductor with Air Gapped Core  
In order to avoid core saturation at high current, an air gap can be introduced into the 
core. Implementation of air-gap influences the shape of the B-H curve of a magnetic 
circuit, decreasing the effective inductance and increasing the saturation current of an 
inductor. Additionally, implementation of an air-gap increases the fringing flux 
phenomenon which must be taken into account because of electromagnetic 
interferences (EMI) aspects, due to the fact that fringing flux causes higher 
propagation of electromagnetic disturbances. 
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The result of adding an airgap on the B-H curve is shown in Figure 2.5 where the steep 
slope (high permeability) is for a core without an air gap and the more gradual slope 
for the same core with a small air gap. 
 
Figure 2.5- An idealised BH curves of Ferrite core, with and without 
air gaps [ 54]. 
Introducing an air gap into the core of an inductor will decrease the magnetic flux 
density B (T), it will also cause a considerable reduction in the inductance due to the 
decreasing permeability (as in EQ 2.9)  
Figure 2.6 illustrates an inductor with air gapped core and the equivalent magnetic 
circuit of the core and the air gap. Air gaps can be bulk or distributed throughout the 
magnetic structure. The same magnetic flux φ flows in both the core and in the gap. 
Adding an air gap in a core is the equivalent to adding a large reluctance in series with 
the core reluctance as shown in Figure 2.6-(b).  
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Figure 2.6- (a) An inductor composed of a core with an air gap and a winding 
with number of turns N. (b) Equivalent magnetic circuit  [ 54]. 
As a result, the magnitude of the magnetic flux φ at a fixed value of 𝑁𝑙𝑚 is reduced. 
This effect is analogous to an electric circuit where the adding of a series resistor 
reduces the magnitude of the current at a fixed source voltage. 
By using the standard derivations [ 54] and solving the equivalent magnetic circuit in 
Figure 2.6-(b): 
The reluctance of the air gap is 
𝑅𝑔 =
𝑙𝑔
µ0×𝐴𝑐
  EQ 2.11 
The reluctance of the core is 
𝑅𝑐 =
𝑙𝑚−𝑙𝑔
µ𝑟µ0×𝐴𝑐
 ≈  
𝑙𝑚
µ𝑟µ0×𝐴𝑐
  EQ 2.12 
And the overall reluctance of the core with the air gap is 
𝑅 = 𝑅𝑔 + 𝑅𝑐 =
𝑙𝑔
µ0×𝐴𝑐
+ 
𝑙𝑚
µ𝑟µ0×𝐴𝑐
=
𝑙𝑚
µ𝑟µ0×𝐴𝑐
(1 +
µ𝑟𝑙𝑔
𝑙𝑚
) = 𝐹𝑔𝑅𝑐  
EQ 2.13 
Where the air gap factor is 𝐹𝑔 = (1 +
µ𝑟𝑙𝑔
𝑙𝑚
). 
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The inductance of a coil with a magnetic core having an air gap at low frequencies is 
expressed as 
𝐿 =
𝑁2
𝑅
= 
𝑁2
𝑅𝑔+𝑅𝑐
= 
µ𝑟µ0𝐴𝑐𝑁
2
𝑙𝑚(1+
µ𝑟𝑙𝑔
𝑙𝑚
)
  =  
µ𝑟µ0𝐴𝑐𝑁
2
𝑙𝑚𝐹𝑔
   EQ 2.14 
Where μ0 = 4π × 10
−7 (𝐻/𝑚) is the permeability of  free space, μr is the relative 
permeability of the core material, 𝐴𝑐   is the magnetic cross section of the core, 𝑙𝑚 is 
the magnetic length, 𝑙𝑔 is the airgap length and N is the number of the winding’s turns.  
The effective permeability of a core with an air gap is  
μ𝑟𝑒 =
µ𝑟
(1+
µ𝑟𝑙𝑔
𝑙𝑚
)
  =
µ𝑟
𝐹𝑔
   EQ 2.15 
for high permeability cores 
µ𝑟 𝑙𝑔
𝑙𝑚
≫ 1    
μ𝑟𝑒  =
𝑙𝑚
𝑙𝑔
   EQ 2.16 
Thus, 
𝐿 ≈
𝑁2
𝑅𝑔
=
µ0𝐴𝑐𝑁
2
𝑙𝑔
  [Henrys] EQ 2.17 
Thus, for high-permeability cores, the inductance is dominated by the air gap. 
Maximum Flux density 𝐵𝑚𝑎𝑥 :  
 𝐵𝑚𝑎𝑥 = μ𝑟 μ0  Hmax = 
µ𝑟 µ0  
𝑙𝑔  
Nimax ≈
µ0  
𝑙𝑔  
Nimax   EQ 2.18 
Stored energy E in the inductor: 
 𝐸 =   
1
2
Li2   EQ 2.19 
Higher energy density (E) needs higher flux density (B) which needs a higher magnetic 
field intensity (H), thus there is a need for higher current (i), number of turns (N) and 
less reluctance (R). 
However, introducing an air gap to the core will also lead to an interaction of the 
magnetic fringing flux with the windings around the airgap. Bearing this in mind, 
EQ 2.11 is only considered to be accurate when the fringing flux is small compared to 
the total flux, as it is when the air gap length is very small compared to the dimension 
of the air gap cross-sectional area. The fringing effect in the air gap will be explained 
in the following section. 
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2.2.4 Fringing Effect in the Air Gap 
Introducing an air gap to the core will lead to an interaction of the magnetic flux 
fringing with the windings around the airgap as shown in Figure 2.7. 
 
Figure 2.7-(a)-flux fringing at air gap. (b)- Equivalent magnetic circuit for  
fringing effects in an air-gap. 
Different approaches have been devised in order to take the fringing flux into 
consideration. One method uses the Conformal Schwarz-Christoffel Transformation 
for calculating the air gap reluctance and an increase of the Air Gap Cross-Sectional 
Area [ 54][ 55]. However, using this method the cross-sectional area should be 
increased as a function of the air gap length 𝑙𝑔 and the exact value by which the cross-
sectional area has to be increased is difficult to determine and hence this method is 
restrictive in which geometries can be used. 
In order to study the fringing effect in the presented model it is useful to talk first about 
the magnetic circuit and magnetic material’s effects. The inductance change is directly 
proportional to the permeability change, if a small air gap with length 𝑙𝑔 is inserted 
into the magnetic path; this will lower and stabilize the effective permeability e. A 
very small air gap significantly modifies the parameters of magnetic devices by 
increasing the saturation current and linearizes B-H curve of a magnetic circuit, as 
explained before in Figure 2.3. An air gap reduces the effective permeability of the 
magnetic core, thus a high permeability material such as ferrite that are cut in E shape 
cores, has only about 80 percent of the permeability, than that of a toroid of the same 
material and this is because of the gap [ 56]. Although the air gap causes decreasing 
of the inductance, that inductance is predicted to be higher compared to the basic 
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analysis due to fringing flux which affects the perception of the size of 𝐴𝑒 (the 
effective cross section) as shown in Figure 2.8. William T. McLyman in his exemplary 
equations for an idealized magnetic circuit has added a fringing factor (FF) to the basic 
inductor equation as shown in EQ 2.22& EQ 2.23 [ 56]. 
 
Figure 2.8- Fringing Flux (under large signal DC) at the Gap and it is effect 
on the air gap’s cross section area  Ae [ 56]. 
Thus according to the McLyman equations [ 56], the inductance of an inductor using 
the core with air gap as shown in Figure 2.8 is from EQ 2.14 and EQ 2.15 : 
𝐿=
µ0µ𝑟𝑒𝑁
2𝐴𝑐
𝑙𝑚
   EQ 2.20 
 
Where 𝐴𝑐 is the core’s cross section, 𝑙𝑚 is the magnetic length in the core, μ𝑟𝑒 is the 
effective permeability and N is the number of winding’s turns.   
McLyman has suggested a fringing factor FF which increase the cross section of the 
core to an effective cross section considering the fringing flux effect around the air 
gap. 
 Aeff = 𝐹𝐹. 𝐴𝑐 EQ 2.21 
The fringing factor FF is given with the formula: 
 𝐹𝐹 = 1 + 
𝑙𝑔
√𝐴𝑒
ln (
2𝐺
𝑙𝑔
) EQ 2.22 
G is the internal length of the core, as shown in Figure 2.8. 
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Thus the inductance after the consideration of the fringing effect becomes: 
𝐿=𝐹𝐹(
µ0µ𝑟𝑒𝑁
2𝐴𝑐
𝑙𝑚
)  EQ 2.23 
For high permeability cores  
µ𝑟 𝑙𝑔
𝑙𝑚
≫ 1 thus 
𝐿 = 𝐹𝐹(
µ0𝑁
2𝐴𝐶
𝑙𝑔
)  EQ 2.24 
These formulas are very helpful in generating an approximate estimation of an 
inductor’s parameters but they can be difficult to implement in some advanced 
solutions with non-standard layouts, thus, the implementation of numerical methods 
(e.g. FEM methods) allows the preparation of an effective design and optimization of 
magnetic inductors. 
2.2.5 Magnetic Core Materials 
A magnetic core is a piece of magnetic material with a permeability µ used to guide 
magnetic fields in electrical, electromechanical and magnetic devices such as 
electromagnets, transformers, electric motors, generators and inductors. 
Having no magnetically active core material, such as in an air cored component, 
provides very low inductance in most situations, so a wide range of high-permeability 
materials are used to concentrate the field. 
The ideal choice for the magnetic material is one with high magnetization saturation 
and low magnetic loss, however one typically needs to find a trade-off with the 
available materials [ 57]. (The properties of some magnetic materials are listed in 
Figure 7.2 Appendix A) 
2.2.5.1 Low Permeability Core Material 
In applications with very high switching frequencies (10-100 MHz) magnetic 
components operating at high frequencies, and often under large flux swings are 
preferred [ 58].  Some low-permeability materials (relative permeability in the range 
of 4-40) can be used effectively at moderate flux swings at frequencies up to many 
tens of megahertz [ 59]. However, working with such low-permeability materials, 
especially with the un-gapped core structures which they are typically available in, 
presents somewhat different constraints and challenges than with typical high-
permeability low-frequency materials [ 60].  
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Y. Han and D. J. Perreault in their previous study [ 61] have raised some concerns due 
to the lack of suitable design procedures for selecting low-permeability magnetic 
materials and available core sizes. Thus, they proposed a procedure and methods to 
help to design a magnetic-core inductor with low permeability core materials [ 61]. 
However, because of very high frequency operation and low-permeability 
characteristics of such materials, the operating flux density is limited by core loss 
rather than saturation. Without an air gap, the core loss begins to dominate the total 
loss and copper loss can be ignored in many cases [ 60]. 
One of the available low permeability core materials is ‘Sendust’ which is also known 
as KoolMu [ 62]. This material has a low permeability, from 26 to 125, a high 
saturation flux density and significantly low losses. Sendust cores also exhibit very 
low magnetostriction coefficient, and it is therefore suitable for applications requiring 
low audible noise such as Phase control circuits (low audible noise) for light dimmers 
[ 63]. However, although of it shows good temperature stability at up to 125 °C, as the 
temperature decreases to 65 °C, its inductance decreases by approximately 15%. 
2.2.5.2 High Permeability Core Material with Air Gaps 
High-permeability magnetic materials enhance the inductance of an inductor, 
however, some of these materials exhibit high losses at high frequencies such as 
Permalloy materials.  
In most magnetic materials there is a slight decrease in permeability with time after 
the material is demagnetized. This effect is noticeable in low permeability materials 
and is negligible for high permeability materials. In some applications such as low 
flux level circuits, where a constant inductance is required, the effect must be 
considered. However, the effect can be minimized greatly by reduction of the effective 
permeability by insertion of an air gap. In general, introducing an air gap to the 
magnetic core causes a considerable decrease in the effective relative permeability. 
However, it produces a more stable effective permeability and reluctance, resulting in 
a more predictable and stable inductance with respect to an increasing current [ 54]. 
Inductors used in specific applications, such as resonant circuits and LC filters, should 
be designed to have predictable and stable inductances.  
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Ferrite, which is basically mixtures of iron oxide and other magnetic elements, has 
quite a large electrical resistivity but rather low saturation flux densities; typically 
about 0.45 T. Ferrites have only hysteresis loss as no significant eddy current loss 
occurs because of the high electrical resistivity, thus, Ferrite is a preferred material for 
cores that operate at high frequencies (greater than 10 kHz) because of the low eddy 
current loss [ 64]. Ferrite is used in applications such as signal transformers, which are 
of small size and higher frequencies, and power transformers, which are of large size 
and lower frequencies. Also some of its main applications are EMI Suppression, 
Automotive power electronics, Switch Mode Power Supplies and DC-DC converters 
[ 64]. Some application considerations-Ferrite advantages and disadvantages are 
shown in Figure 7.1 Appendix A. 
In this thesis, the characterised inductor is aimed to be used as a part of an LC filter in 
the output of a DC-DC converter. The switching frequency is >100 kHz. Thus, 
magnetic core Ferrite N95 [ 52], with flux density 𝐵𝑚𝑎𝑥 = 0.45 𝑇, is chosen for the 
following reasons: 
1-  For its high permeability and low losses (especially eddy current losses), 
(Refer to Figure 7.2 Appendix A). 
2- Ferrite cores can be made in a various shapes such as toroid, E-I cores, U-I 
cores, Tube and EER cores, as shown in Figure 2.9. 
 
Figure 2.9- Different shapes of Ferrites cores. (a)E-I core. (b) E-E core. (c) U 
core. (d) U-I core. (e)EER core. (f) Toroid core. (g) Tube core [ 65].. 
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3- A ferrite pot core is inherently self-shielding by nature of the enclosed 
magnetic circuit. 
4- Ferrites core operate at high frequencies up to 1MHz. 
2.3 Proposed Design of the Inductor and Core 
One of the aims of the work reported in this thesis is to increase the energy density of 
an inductor to facilitate its integration into power module packages by applying high 
current density to the windings. Thus, a high energy density inductor is designed using 
a specific design of the magnetic material, within the available volume, in order to 
achieve the desired inductance value with a small geometry and distributed air gap. 
The inductor is interfaced to a ceramic substrate material and as such, will allow a 
direct conduction path from the winding to the outer surface and on to the thermal 
management system. The total approach is explained as shown in Figure 2.10.  
 
Figure 2.10- The procedure of achieving high energy storage density.  
Figure 2.10 shows the procedure of increasing the energy of the inductor by applying 
a high current, as explained in EQ 2.25, whilst providing an effective cooling method in 
order to limit the temperature increase due to the losses accrued. 
𝐸 =
1
2
𝐿𝑖2 
EQ 2.25 
where, 
E is the energy (Joule), L is the inductance in (H) and i is the current (A) 
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The copper winding geometry is designed with square cross section in order to provide 
sufficient contact with the substrate and the cooling system. This will allow a high 
current to be applied through the inductor. 
The magnetic circuit analysis, both analytically and with the use of development 
software, Maxwell 16.0 will be presented. A ferrite magnetic core material with 
distributed air gaps is proposed and its effect on the energy density and inductance 
stability will be investigated. The magnetic flux distribution will be checked by using 
Maxwell (Magneto-static) simulation. The stability of the inductance against an 
increase in the DC bias will be validated experimentally. Such an approach will help 
to understand the real performance of the inductor and the core with distributed air 
gaps under high DC current. 
2.3.1 Winding Geometry 
In order to increase the energy density the current density is increased and thus the 
copper surface should also be increased in order to enhance heat conduction  whilst 
choosing the winding geometry in order to increase the cross sectional area. A 
rectangular cross section, as shown in Figure 1.2-(a) was chosen. This winding shape 
is as suitable for the volume available within the package on the substrate, as shown 
in Figure 1.1. The Inductor geometry and dimensions details can be found in 
Figure 7.3-(a) Appendix A. 
Some different aspects of the proposed inductor geometry have been considered as 
following: 
1. The rectangular cross section winding provides a full connection between the 
inductor outer surface and the substrate of the cooling system which ensures 
greater heat conduction from the inductor, comparing to a rounded cross 
section winding which provides reduced connection area between the surfaces 
as shown in Figure 2.11. 
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Figure 2.11- Comparison of the connection between the winding and the 
substrate for rectangular and rounded cross section winding.  
2. The inductor is manufactured from the same material as the top layer of the 
substrate.   
3. The inductor geometry is single layer solenoid which means reduced parasitic 
capacitance as there are no layers as in a typical inductor construction. 
However, the gap between the turns is very small thus the parasitic capacitance 
between the turns needs to be considered and investigated. 
The sharp corner of the conductor however will show an increased resistance to the 
flow of the current through it. Still, this issue has no impact on the inductor 
performance as the current density in the corner of the winding shown a drop in a small 
area of 𝑎√2, as it was examined by simulations (Maxwell) and shown in Figure 7.4 
Appendix A. 
2.3.2 Design of Magnetic Core 
Considering the design constrain and the selected winding geometry, the total 
magnetic length and cross section available for this inductor is limited. A schematic 
of available space for the inductor and the magnetic core on the substrate is shown in 
Figure 1.1. 
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A Ferrite N95 core with a shape, as shown in Figure 2.12-(a), has been chosen to suit 
both available volume on the substrate and the inductor geometry.  N95 Ferrite was 
chosen due to its low loss/characteristics at high frequencies and flux 
saturation 𝐵𝑠𝑎𝑡 =  0.5 𝑇 𝑎𝑡 25 °𝐶  𝑎𝑛𝑑 𝐵𝑠𝑎𝑡 = 0.41 𝑇 𝑎𝑡 100 °𝐶 . This material is 
used as a magnetic flux guide and in order to prevent core saturation at high current, 
a significantly long air gap needs to be inserted.  Different ways of achieving the air 
gap are shown in Figure 2.12. 
 
Figure 2.12- Inductors with N95 core (a) without air gap. (b) With 4 
distributed air gaps. (c) With 10 distributed air gaps.  
In the following section the effect of the presence of an air core, length, position and 
the number of air gaps on the magnetic path, inductance stability and the saturation of 
the core will be examined. The stability of the inductance against the increasing DC 
current and saturation effect will be examined with the usage of Maxwell16.0 3D 
software (Magneto-static solver) and validated experimentally. A schematic of 
dimensions details of the core with the distributed air gaps is shown in Figure 7.3 
Appendix A. 
2.4 The Design Specification  
The effect of the presence of an air core, length, position and the number of the air 
gaps on the magnetic path, inductance stability and the saturation of the core will be 
examined. First the total length of the required air gap due to the system specification 
will be found as follows. 
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The compact inductor needs to be operated with a high current of up to 80A-DC, with 
a desired inductance L of around 25 µH. These values have been chosen in 
consideration with an existing project requirements [ 51], as it has been mentioned in 
chapter 1.  
Due to both manufacturing and thermal management limitations, the cross section of 
the winding cannot be smaller than 1 𝑚𝑚2 and since the aim is to achieve a current 
density of  𝐽 =  50 𝐴/𝑚𝑚2 with an average current up to 80 A, the cross section of 
the winding will be around 1.5 𝑚𝑚2. Considering the volume constraint on the 
substrate and by assuming the minimum possible gap, which it is possible to be 
manufactured, between the turns of the inductor around 0.4 𝑚𝑚, a, this allows the 
insertion of two inductors each with 26 turns (dimensions of the inductor’s winding 
are shown in Figure 7.3 Appendix A).  
Consequently, the total number of turns will be N=52, cross section of the winding is 
1.7𝑚𝑚 × 0.9 𝑚𝑚 and the available cross section of a core 𝐴𝑐 =  10𝑚𝑚 × 10 𝑚𝑚. 
The flux density saturation of the N95 ferrite is  𝐵𝑠𝑎𝑡 = 0.41 𝑇 𝑎𝑡 100°𝐶 , thus a 
maximum value of flux density 𝐵𝑚𝑎𝑥 in the air gap is chosen 𝐵𝑚𝑎𝑥 <  𝐵𝑠𝑎𝑡 = 0.3 𝑇. 
By using EQ 2.18 the total air gap length required to avoid the core saturation when 
applying a current up to 80 A is: 
 𝑙𝑔 =
𝑁𝑖µ0
𝐵𝑚𝑎𝑥
≈ 18 𝑚𝑚    ∶ μ0 = 4π × 10
−7 (𝐻/𝑚). 
As the total air gap length is too large to be used as one air gap, it will be distributed 
locally into a larger number of smaller air gaps along the length of the core. The 
number and the length of distributed airgaps and their effect on the inductor 
performance of inductance stability and saturation will be examined in the following 
section  
2.4.1 Simulation Results  
The effect of the presence of an air core, length, position and the number of the air 
gaps on the magnetic path will be examined. The calculated air gap’s length will be 
divided into different arrangements. 4 distributed air gaps of 4.5 mm each, 6 
distributed air gaps of 3 mm and10 distributed air gaps of 1.8 mm each as it is shown 
in Figure 2.13. In general, the magnetic field will choose the path with the smaller 
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reluctance, thus from EQ 2.11 the reluctance in the air gaps with 𝑙𝑔 and d (the distance 
between the two long legs of the core, as shown in Figure 2.13) length will be 
respectively: 
𝑅𝑔 =
𝑙𝑔
𝜇0𝐴𝑔
 and 𝑅𝑑 =
𝑑
𝜇0𝐴𝑔
 
thus,  
𝑅𝑔
𝑅𝑑
=
𝑙𝑔
𝑑
   
 
EQ 2.26 
 
𝑅𝑔 < 𝑅𝑑   when 𝑙𝑔 < 𝑑 
if  𝑙𝑔 > 𝑑 then the magnetic flux will fringe between the long leg of the core choosing 
the shortest path. 
In the case of 4 air gaps each air gap’s length 𝑙𝑔 = 4.5 𝑚𝑚 ≤ 𝑑 = 6 𝑚𝑚, in the case 
of 6 air gaps each air gap’s length  𝑙𝑔 = 3 𝑚𝑚 < 𝑑 = 6 𝑚𝑚 and in the case of 10 air 
gaps each air gap’s length 𝑙𝑔 = 1.8 𝑚𝑚 < 𝑑 = 6 𝑚𝑚. (d) is the distance between the 
two legs of the core.  
 
Figure 2.13- The presence of an air core, length, position and the number of 
the air gaps along the core. (a) 4 air gaps. (b) 6 air gaps. (c) 10 air gaps.  
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2.4.1.1 The effect of the air gap on the magnetic path and saturation 
The inductor with core (a), (b) & (c), as in Figure 2.13, have been simulated in 
Maxwell (Magneto- Static solver) and a current of 80A DC has been applied to the 
inductors. The flux density inside the core for the three cases at 80A have been plotted 
as shown in Figure 2.14. 
 
Figure 2.14- The flux density inside the core at current 80A. (a) 4 air gaps. (b) 
6 air gaps. (c) 10 air gaps.  
Simulation shows the flux density in inductor with core (a), (b) and (c). By applying 
the same current of 80 A, with distributed air gaps the flux density is spread 
homogeneously inside the core and the air gaps and the magnetic fringing is equal 
inside the airgaps, as shown in Figure 2.14-(b)&(c) and is even more homogeneous in 
core (c) than it is in core (b). While with four air gaps as in Figure 2.14- (a) the flux 
density is not equal and a significant leakage of the magnetic flux between the two 
legs of the core can be seen. One of the main issues is that the air gap length 𝑙𝑔 should 
be significantly smaller than the distance between the two legs of the core 𝑑 as 
explained in EQ 2.26, otherwise, the magnetic field will chose the shortest available 
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path, where the reluctance is smaller. Thus, the magnetic path will be as in Figure 2.15. 
It is also clear that the core with the least number of distributed air gaps will saturate 
before reaching the maximum flux density in the air gap comparing to the other cores 
with more distributed air gaps. 
 
Figure 2.15- Magnetic flux density in the core with four air gaps at 80A.  
Furthermore, it can be seen that the choice of the air gap position can directly 
determine the proximity losses at the high frequencies, as the magnetic flux leakage 
increases due to the interaction between the magnetic field and the winding [ 66]. In 
this design, as there is a tiny distance between air gap and winding, selecting a 
significantly long air gap will lead to more losses at high frequencies where magnetic 
field leakage will interfere with copper. Figure 2.16 shows the interference between 
the magnetic leakage and the copper winding for two cores with different numbers of 
air gaps. Thus, distributing the total airgap along the core into smaller air gaps, as in 
Figure 2.16-(b), has been chosen in order to reduce this effect.  
35 
 
 
Figure 2.16- The interfering between the magnetic leakage and the copper 
winding-80A. (a) The core with 4 air gaps. (b) The core with 10 air gaps.  
The inductors with core (a) (b) and (c) (Figure 2.14) have been simulated in Maxwell 
(Magneto-static), the current has been increased from 5 A to 100 A. the inductance’s 
values L against 𝐼𝑑𝑐 have been plotted and are shown in Figure 2.17. 
36 
 
 
Figure 2.17- Inductance L vs current  𝐼𝑑𝑐. (a) 4 air gaps. (b) 6 air gaps. (c) 10 
air gaps. 
It can be seen that having a larger air gap will cause the inductance to drop sharply as 
the current increases.  This is due to the saturation inside the core, while distributing 
the total air gap into a larger number of smaller air gaps will avoid the saturation of 
the core till a higher current value and thus inductance is more stable against the 
increasing  current as for core (b) and (c).When the reluctance of the core 𝑅𝑐 is smaller 
than the reluctance of the air gap  𝑅𝑔, as in the case with long air gaps, the magnetic 
flux will prefer to stay in the core material and fringe around it causing an exchange 
in between the two legs as shown in Figure 2.14. 
This effect will dominate until the increasing current starts to drive the core to 
saturation, then 𝑅𝑐 >> 𝑅𝑔 and the magnetic flux will fringe outside the core. The 
method used by Maxwell to find the inductance matrix is explained later in chapter 4. 
The core with 10 airgaps is offering a fixed value of inductance around 25 µH 
± 20% which is important in the specification. 
(a) 
(b) 
  (a) 
(c) 
  (a) 
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2.4.1.2 The effect of number and position of the air gaps on the volume and 
stored energy  
The effect of the presence of an air core, length and position of the air gap on the 
energy density of the inductor have been examined. The inductors with cores (a), (c), 
as in Figure 2.13, have been simulated in Maxwell (Magneto- Static solver) whilst 
applying a current of 80A to the inductors. The stored energy in the air gaps has been 
found for the both cases and has been plotted in Figure 2.18. 
 
Figure 2.18- The stored energy in the air gaps in one leg of the core at 80A. 
(a) The core with 4 air gaps. (b) The core with 10 air gaps.  
By distributing the air gap along the core the energy stored inside the gaps increases, 
as it is shown in Figure 2.18, the energy stored in the air gaps of core (b), as in 
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Figure 2.16-(b), is showing an average of 33 (𝑘𝐽/𝑚3) in each air gap which means a 
total of 330 (𝑘𝐽/𝑚3) in the total air gap.in both legs. While, core (a), as in 
Figure 2.16- (a), shows an average of 12 (𝑘𝐽/𝑚3) in each air gap and 10 (𝑘𝐽/𝑚3) 
inside the core, and a total of around 68 (𝑘𝐽/𝑚3) in both airgap and core material in 
both legs.  
It can be seen from the results that the most improved design with the desired 
inductance value considering the design volume constraint and under high current up 
to 80A is the inductor with the core and ten distributed air gaps (Figure 2.14-(c)). It 
offers an inductance of around 25 µH and a total stored energy of  330 𝑘𝐽/𝑚3 at 80A. 
2.4.2 Inductance vs DC Bias Experimental Validation 
The saturation of the core has been investigated by verifying the inductance L against 
an increasing current experimentally. By having the inductors with both cores (a) & 
(c), as in Figure 2.13-(a)&(c), the input of a dc-dc converter was created (the 
experiment bench will explain in details in chapter 5) and with a switching frequency 
of 100 kHz different current values have been obtained and the inductance L has been 
measured from the current and voltage waveforms (taking an average over the 
undistorted section of the waveform ) for each current level, as shown in Figure 2.19, 
and with the usage of  EQ 2.27.  
 
Figure 2.19- Current and voltage waveforms for current level 88 A  
𝐿 = 𝑉 ×
𝑡1−𝑡2
𝑖2−𝑖1
  EQ 2.27 
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Inductance values against the increasing of the dc current are plotted for both cores 
and compared as can be seen in Figure 2.20 (a) & (b). 
 
Figure 2.20- Verifying the inductance of the cored inductors against the 
increasing current. (a) The core is with 4 air gaps. (b) The core is with 10 air 
gaps. 
The inductance L of the core with 4 air gaps has been found against the increase in 
DC current as shown in Figure 2.20-(a), and it is verified to be equal to 7 µH at 80A 
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and this is much less than 80% percent of its value at zero dc current (0.8 × 𝐿 at 0 A) 
which is a maximum inductance of 52 µH. 
The inductance L of the core with 10 distributed air gaps has been found against DC 
current and is shown in Figure 2.20-(b), and it is verified to be equal to 20.4 µH at 
80A and this is higher than 80% percent of its value at zero dc current (0.8 × 𝐿 at 0 A) 
which is equal to 22.7 µH. This is considered to be a sufficient value from a design 
perspective and indicates that the core will not saturate fully at the desirable current 
of 80 A.  
2.4.3 Comparison with Commercial Inductors 
A comparison between the design inductor and a high current helical inductor-30uH-
180A [ 67] from the saturation perspective has been done. For the commercial inductor 
dimensions and details please refer to Figure 7.5 in Appendix A. 
Figure 2.21  shows the inductance against the increasing of the current for both the 
designed and the commercial inductor.  
 
Figure 2.21- Verifying the inductance against the increasing of the current for 
both the designed and the commercial inductor.  
It can be seen from both curves, which have a linear relationship with the DC current, 
that the commercial inductor’s saturation current Isat at which its inductance value 
drops to 80% below the measured value with no DC current is about 30 A. Actually 
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this value is much than 180 A which is the rated current of the commercial inductor. 
Thus, the designed inductor shows more inductance stability against the increase in 
current which means it has a higher saturation current level. 
By basic fitting the inductance curve of the commercial inductor (L = - 0.14*i + 28) 
thus at 180 A L= 1.8 uH. 
2.5 Conclusion.  
This chapter has described the design of a cored inductor based on a solenoid 
geometry. The design was tailored to be integrated in a minimum existed volume on 
the substrate, with a current up to 80A DC applied across the inductor in order to 
achieve a high current density and with a desired inductance around 25 µH. With the 
aim of preventing saturation of the magnetic material, a distributed air gap system is 
introduced in order to achieve the desired inductance value in the available volume 
when operated at the maximum current. Ferrite N95 was used as a core material.  
The influence of the core material geometry and airgap has been determined by 
investigating the stability of its inductance against an increasing DC current. Also, the 
saturation effect has been examined with the use of Maxwell16.0 3D software 
(Magneto-static solver) and validated experimentally. The results have shown that it 
is possible to ensure a stable inductance under high DC bias current, allowing 
successful avoidance of the saturation of the core by distributing the air gaps along the 
core. 
On the one hand the core material has increased the inductance of the inductor but on 
the other hand the total losses will also increase due to an increase in magnetic losses 
caused by the core. The losses in the ferrite and how the fringing flux will affect the 
AC loss will be investigated later in chapter 5. 
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3 Chapter 3- Thermal Management 
3.1 Introduction 
The cooling of passive components, especially inductors, is always challenging as the 
thermal management system needs to be designed to remove heat from the windings 
and core, which are often buried or inaccessible. The advantage to having the inductors 
integrated into the power module is that the conductors could be constructed, in whole 
or in part, from the substrate materials, allowing a direct conduction path from the 
winding to the substrate outer surface and on to the thermal management system.  This 
means that very good heat transfer will be possible from the inductor winding. 
This chapter aims to build on simulation, theoretical and experimental results and 
focuses on achieving a sustainable high current density of more than 50A/mm2, in the 
inductor. The inductor windings are soldered on a DBC (Direct Bonding Copper) 
ceramic substrate, as shown in Figure 3.1 . A single-sided cooling method applied on 
the bottom copper layer of the substrate is proposed. Direct substrate cooling with 
water is used in order to realise a high film heat transfer coefficient at the cooled 
surface and so minimise the overall thermal resistance between the windings and the 
coolant. The thermal design of the proposed package (inductors and DBC) will be 
analysed in order to understand the heat conduction through it. 
 
Figure 3.1- The proposed package; inductor is soldered on a DBC ceramic 
substrate with a direct cooling is applied on the bottom copper substrate.  
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A key factor in the design of a high energy inductor is on one hand increasing the 
current density in the windings and on the other hand using an integrated thermal 
management system to better manage the temperature increase of the inductor [ 49]. 
Thus the energy storage density 𝜌𝐸 of the inductor, which is proportional to the current 
squared, (𝜌𝐸 =
1
2
𝐿𝐼2 𝑉𝑜𝑙𝑢𝑚𝑒⁄ ) will increase and hence the power density of the 
converter can be increased. 
The magnetic component is designed in a way to increase the area of the windings 
which are in contact with the cooling system in order to increase the heat exchange 
surface. The windings are cut from bulk copper with a geometry and dimensions as 
shown before in Figure 7.3 Appendix A. 
Integration of local passive components at the substrate reduces the lengths of 
interconnections and the related parasitic elements and greatly improves the EMI filter 
performance, especially at high frequency [ 69]. 
Furthermore, having both active and passive components on the same substrate will 
allow the reduction in the total power module package size and admits the possibility 
of cooling the components with the use of direct liquid cooling methods on the bottom 
of the substrate. 
A schematic representation of integrating passive and active devices on the same base 
plate, considering the proposed cooling system is shown in Figure 3.2.  
 
Figure 3.2- A Schematic representation module showing Integration of passive, 
active devices and other circuitry’s components on the same base plate/DBC, 
considering the cooling system.  
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3.1.1 The Need for Improved Cooling 
Thermal management is a crucial step in packaging power electronic components, as 
heat generated due to losses in the devices must be conducted away from the power 
devices into the environment using a low loss method in order to prevent any 
overheating and consequently any failure of the power electronic devices. Besides 
certain parts of the power module, such as the solder layer, have a higher probability 
to cause a failure with thermal cycling [ 70] [ 71] [ 72][ 11].  if a proper cooling system 
is not considered . 
In the context of high power density, smaller power module packaging would be 
preferable. However the losses generated by the devices implemented in smaller 
volumes need to be considered, thus several approaches have been implemented trying 
to achieve high power density with regards to thermal cycling [ 3][ 73][ 74]. Bryan 
and Forsyth [ 11] have introduced a  DC-DC converter with power density of 4.3 
𝑘𝑊. 𝑘𝑔−1 using a water cooled cold-plate and magnetic components potted in 
aluminium heat-sinks to achieve this power density . As power density is increased, 
the surface area available for cooling is reduced. So, an improved cooling method such 
as direct liquid cooling was found to be more effective at cooling the power module 
compared to a traditional heatsink and cold plate [ 75][ 76]. 
3.1.2 Theoretical Background 
The three main aspects in the design of a cooling system, from a theoretical point of 
view [ 82], can be summarised as follows: 
1- Conduction of heat through materials, thus it is important to choose materials 
with small thermal resistance𝑅𝑡ℎ, such as copper for instance.  
2- Heat flux Q flows across interfaces between different materials. 
3- Heat transfer h to the coolant fluid by convection. 
In general conduction is much more dominant than convection. 
The performance of the heat spreader is a function of the size of the heat source, the 
thermal properties of the spreader itself and the heat transfer coefficient generated by 
the cooler as described in EQ 3.1[ 82] and shown in Figure 3.3. If the thickness of the 
heat spreader is increased, the thermal resistance will increase also, whereas if the 
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thermal conductivity of the heat spreader is increased the thermal resistance will be 
lower. 
 
Figure 3.3- Schematic diagram of a small heat source of width (w) on larger 
heat spreader plate of thickness (d) and width (W)[ 82]. 
With no heat spreader, the source temperature would be determined solely by the heat 
transfer coefficient, h. A higher h would result in a lower source temperature. 
 𝑟𝑡ℎ,𝑠𝑝 =
1
ℎ𝑒𝑓𝑓
=
𝐴𝑠𝑜𝑢𝑟𝑐𝑒
𝐴𝑠𝑝𝑟𝑒𝑎𝑑𝑒𝑟
(
1
ℎ
+
𝑑
𝑘
(1 + 𝐹)) EQ 3.1 
Where 𝑟𝑡ℎ,𝑠𝑝 (𝐾.𝑚
2𝑊−1) is the specific thermal resistance, k (𝑊.𝑚−1𝐾−1) is the 
conductivity of the heat spreader material, h is heat transfer at the cooled surface 
(𝑊.𝑚−2𝐾−1) and   𝐹 is a geometrical factor which depends on the shape of the source, 
it is a function of following 𝐹 (
𝑊
𝑤
,
𝑑
𝑤
,
𝑘
ℎ𝑤
,
𝑣
𝑤
,
𝑉
𝑣
), (F>0). 
Where:  
W is the width of the heat spreader (m). 
w is the width of the source (m). 
d the thickness of the heat spreader (m). 
V is the length of the heat spreader (m). 
v is the length of the source (m). 
h is heat transfer at the cooled surface (𝑊.𝑚−2𝐾−1). 
k is the thermal conductivity is the thermal conductivity of the heat spreader 
(𝑊.𝑚−1𝐾−1). 
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 𝑅𝑡ℎ =
𝑟𝑡ℎ,𝑠𝑝
𝐴
 EQ 3.2 
𝑅𝑡ℎ is the thermal resistance of an object (𝐾𝑊
−1), A is the area of the object (𝑚2). 
3.1.2.1 Heat Transfer by Conduction 
In general, the heat generated inside a package should be conducted out, from the heat 
source to the ambient, to avoid any overheating. When there is a temperature 
difference across a material, as it is shown in Figure 3.4, the energy (per unit time 
expressing power) flows from the higher temperature end to the lower temperature 
end. It is given by the standard formula: 
𝑃𝑐𝑜𝑛𝑑 =
kAΔT
d
  EQ 3.3 
Where ΔT = T2 – T1 degrees centigrade (ºC), A is the cross-sectional area in square 
meters, d is the length in meters, and k is the thermal conductivity in watts per meter 
degrees centigrade or kelvin (𝑊.𝑚−1𝐾−1)[ 77].  
 
Figure 3.4- The conduction of  P watts of heat energy per unit time [ 77] . 
From EQ 3.3, it can be understood that the larger the area of the surface is, the higher 
is the conductivity. Moreover, a package should be made of a materials with a high 
thermal conductivity such as copper and aluminium nitride AlN which is an insulating 
ceramic used as the electrical insulator in the DBC. These materials have a high 
thermal conductivity (70-285 𝑊.𝑚−1𝐾−1) for AlN and (400  𝑊.𝑚−1𝐾−1) for 
copper. Another material would be Aluminium oxide Al2O3 with thermal conductivity 
(28-35 𝑊.𝑚−1𝐾−1) at ambient temperature [ 78]. 
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The thermal resistance 𝑅𝑡ℎ is defined [ 77]:  
𝑅𝑡ℎ =
𝑑
kA
  EQ 3.4 
 
The thermal resistance has units of degrees Kelvin per watt (𝐾.𝑊−1). 
3.2 Improved Cooling Methods for Power Electronics 
This section highlights some of the different thermal management and improved 
cooling methods which are available to the design engineer when designing a system. 
Recent studies suggested integrating the design of the cooler as part of the module in 
order to increase the efficiency of its associated cooling system [ 3] [ 79] [ 80]. 
In general the performance of a solid heat spreader is determined by the thermal 
conductivity of the coolant material k (𝑊.𝑚−1𝐾−1), the cooling mechanism which is 
characterised by an effective heat transfer coefficient h (𝑊.𝑚−2𝐾−1) and the physical 
size of the heat source L (m) which is the volume of the body divided by the surface 
area of the body. For cuboidal spreaders, the heat transfer behaviour is determined by 
the Biot number [ 79]: 
𝐵𝑖 =
ℎ𝐿
𝑘
 
EQ 3.5 
 
A value of the Biot number smaller than 0.1 implies that the heat conduction inside 
the body is much faster than the heat convection away from its surface [ 79]. 
Thus, a heat source with relatively big physical size will cause a high increase in the 
temperature but its big surface area will provide sufficient contacting with the coolant 
in the cooling procedure. Using a proper cooling mechanism which offers the required 
heat transfer coefficient is a key factor in thermal management. 
Some typical heat transfer coefficients are given in Table 7.1 in Appendix B. For 
instance air convection cooling has low thermal conductivity of 3- 25 (𝑊.𝑚−2𝐾−1) 
which makes it a poor cooler medium and in order to improve the performance of a 
cooler which uses the air as a coolant, heat spreaders and finned surfaces are used [ 3] 
[ 81]. Liquids offers a higher heat transfer coefficients, for example, water has a 
thermal conductivity of 15-1000 (𝑊.𝑚−2𝐾−1). The following subsections describe 
different cooling approaches and implementations. 
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3.2.1 Integrated Baseplate Coolers 
Direct cooling of the electronic package can reduce the number of bonded layers and 
interfaces in the package resulting in a more compact and lightweight system. 
Improved design and integration of material choices and cooling can greatly improve 
the performance of power modules. In this method, the baseplate of the power module 
can be used as part of the cooler itself, when liquid coolant is in direct contact with the 
baseplate material.  
It has been suggested in previous studies [ 76][ 79] that a heat spreader is not needed 
if a direct water cooling technique, with high heat transfer coefficient ,typically 20 
(kW/m2.K), is used. By removing the base plate, the thermal resistance, mass and 
volume of the combined electronic package and cooler is reduced. Figure 3.5-(a) 
shows a typical power electronic module where the heat generated by the devices is 
removed by means of a conduction path through the substrate tile followed by the 
copper baseplate to the final fluid swept surface at which convection occurs.  
 
Figure 3.5- Cross-sections of the power module structure in various 
assemblies. (a) Substrate tiles on copper baseplate which is mounted onto a 
cold plate with a layer of thermal paste. (b) Direct cooling of the baseplate 
with liquid coolant. (c) Direct cooling of the substrate tiles [ 76]. 
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The baseplate is mounted onto a cooler in the form of a cold plate. There are nine 
thermal interfaces between the die junction (where heat is generated) and the coolant 
fluid, as illustrated in Figure 3.5-(a) and they are: 
1. Die / Solder  
2. Solder / Copper  
3. Copper / Ceramic  
4. Ceramic / Copper  
5. Copper / Solder  
6. Solder / Baseplate  
7. Baseplate / Thermal Paste  
8. Thermal Paste / Water Plate  
9. Water Plate / Water Coolant. 
In order to sufficiently cool the electronic devices it is desirable for there to be as little 
thermal resistance between the hot die and the surface where heat transfers by 
convection to the cooling fluid [ 76]. This can be achieved in a number of ways: by 
using high conductivity materials, by thinning each layer, or by reducing the number 
of layers in the package. By cooling the baseplate of the power module directly with 
liquid (shown schematically in as in Figure 3.5-(b)). Two thermal interfaces can be 
removed, namely the layer of thermal paste and the thermal interface between the 
baseplate and the cooler, which highly contribute to the total thermal resistance of the 
module [ 82]. Thus, it goes from method (a) to (b) with 7 layers. 
Furthermore, if a cooling method generating a sufficiently high heat transfer 
coefficient is used a heat spreading baseplate may not be necessary. The number of 
thermal interfaces can be further reduced by not including the baseplate in the 
assembly. Thus, two further layers (the copper baseplate and the layer of solder) can 
be removed reducing the number to five, as shown in Figure 3.5-(c), assuming that the 
bond between the ceramic and the copper is perfect. The geometry of the cooling 
arrangements were beyond the scope of the project. 
3.2.2 Double sided cooling 
Cooling a module on both its top and bottom side provides increasing amount of 
cooling to the devices compared to being cooled on one side. The power electronic 
devices can be soldered between two DBC’s, as illustrated in Figure 3.6, resulting in 
what is often referred to as a 'sandwich module' [ 80]. Cooling methods with sufficient 
heat transfer coefficient can be used to directly cool the substrates as illustrated. 
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Figure 3.6 – Double side direct cooling of the substrate tiles . 1. Die / Solder 2. 
Solder / Copper 3. Copper / Ceramic 4. Ceramic / Copper 5. Copper  [ 80]. 
Recent studies [ 80][ 83] [ 84] have proposed double-sided liquid cooling with 
embedded power packaging technology which allows double-sided thermal interface 
of a high heat transfer cooling. 
A light-weight and compact module can be realised using a sandwich assembly where 
the DBC substrate tiles are cooled directly resulting in a very low thermal mass. Direct 
cooling method such as jet impingement with high heat transfer coefficient can be 
employed to provide the double-side cooling of the module which minimises the 
temperature rise of the devices during operation. 
As with other liquid cooling methods there are potential issues including high-pressure 
leaks and electrical insulation which need to be considered. 
3.2.3 Liquid Jet impingement cooling 
Recent studies [ 82][ 80][ 85] confirmed that liquid jet impingement can be used to 
generate high heat transfer coefficients over 30 𝑘𝑊/𝑚2𝐾 at the heat transfer surface 
for an efficient cooling of power modules. Results from experimental tests [ 82] 
showed that directly cooling the substrate tile with jet impingement methods resulted 
in the devices being cooled more effectively and with lower pumping power compared 
to the commonly used cold plate. It was suggested that more efficient cooling can be 
achieved by targeting the hotspots on the substrate beneath each device with a 
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carefully designed impingement array. A layout of a simple liquid jet impingement 
cooling system is shown in Figure 3.7.  
 
Figure 3.7 - A schematic diagram of two DBC are double side cooled using the 
jet impingement [ 82]. 
3.3 Proposed Thermal Management Strategy  
This chapter aims to build on Electro-Thermal simulation, theoretical analysis and 
experimental results and focuses on achieving high current density in the inductor 
winding. A direct substrate cooling with water is used in order to reduce the thermal 
resistance between the winding and the coolant. Sources of heat include ohmic and 
magnetic losses which will be characterised and explained later in chapter 5. 
3.3.1 Double Side Cooling  
The inductor is soldered in between the two DBC ceramic substrates forming a 
sandwich structure, as shown in Figure 3.8. A double cooling system, with water as 
coolant liquid, is applied on both sides of the DBC providing cooling to the top and 
the bottom surface of the inductor. 
The inductor has been thermally investigated by applying high current density up to 
100𝐴/𝑚𝑚2 and monitoring the rise in the temperature of the inductor at different 
current level with the existing cooling method. For the full paper and details please 
refer to Appendix B (section 7.2.1). 
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Figure 3.8- Inductor with double side cooling structure (all dimensions are in 
mm). 
ANSYS R15.0 (Electro-Thermal simulation) has been used to design the package (the 
inductor on the DBC) and analyse the thermal characteristics then the results has been 
validated experimentally [ 49] using the thermal camera FLUKE , refer to Figure 7 
and Table I in Appendix B (section 7.2.1) . Figure 5 in the paper shows the experiment 
in the lab which consists of the sandwich structure with top and bottom coolers, flow 
rate meter and thermal measurements for pre and post liquid temperature in order to 
calculate the calorimetric losses. Refer to Appendix B (section 7.2.1) 
The experiment was carried out at ambient temperature of 25 C. A current was applied 
through the inductor, and was increased from 0 up to 100 A; the maximum temperature 
of the inductor was measured using a thermal camera. The temperature of both input 
and output water of the cooler was also measured together with the coolant flow rate. 
All experimental results have been organized in Table I in Appendix B (section 7.2.1). 
Both the ANSYS simulation results and measurements results are in agreement and 
can be seen in Figure 6 in Appendix B (section 7.2.1).  
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These results show, a current density of up to 90 𝐴/𝑚𝑚2 was achieved with only a 
42 degree rise in temperature. Actually this is a much better results in comparison to 
some commercial high current inductors, such as high current helical inductor-30uH-
180A and high current helical inductor-60uH-90A [ 67] which offer a current density 
of 9 𝐴/𝑚𝑚2  and 8 𝐴/𝑚𝑚2respectivly at their rated current when they both operated 
at their maximum rated current with the usage of a heatsink. 
This was the initial proposed idea. This method of integrating inductors into the 
substrate and with an effective path for the heat to the thermal management system 
works well. Because of the power module structure, where the inductor will be 
integrated on the DBC, there are difficulties in creating a double side cooled module 
where on one side the output inductors and the power devices will need cooling and 
on the other side of the power module only the inductor will need cooling as shown in 
Figure 3.9. 
 
Figure 3.9–Inductors soldered on the substrate level.  
Thus, a single cooling method on one side of the DBC is proposed in the following 
sub-section. 
3.3.2 Single side cooling  
Since in many cases the power devices are cooled on one side only, an investigation 
in single side cooling for the output inductors was performed. The inductors have been 
soldered on the DBC substrate tiles each measuring 105mm x 30mm. The tiles consists 
of a 1000μm thick Aluminium Nitride substrate with a 200μm layer of copper bonded 
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on both sides with a layer of solder with a thickness of approximately 200μm, as shown 
in Figure 3.10 ( the solder layer is not shown in the illustrated figure). A single cooling 
method applied on the bottom of the substrate is proposed and it will be explained in 
the following section. A cooling system, with water as coolant liquid, is designed to 
be installed under the substrate and to be in direct contact with it. If a sufficient heat 
coefficient is provided on the bottom of the substrate it will secure a sufficient heat 
conduction even with one side cooling [ 82] [ 86].  
 
Figure 3.10- Inductor with one side cooling structure.  
The inductor has been thermally investigated by applying high current and monitoring 
the rise in the temperature of the inductor at different current levels with the usage of 
a single direct cooling method. 
3.3.3 Analyses of the Single Side proposed cooling method 
The temperature will increase due to the losses in the inductor, such as winding and 
magnetic losses, which are primarily increased with the high current and high 
frequency. Thus, in order to maintain a good performance of the inductor, the 
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temperature of the core and windings must be kept at or below some allowable value. 
In practice the maximum temperature in power electronics is usually limited to 100-
125 °C;  
Heat will be transferred between components through conduction and convection [ 87] 
and it is important to analyse the thermal aspect of the proposed package in order to 
understand the heat conduction through it as shown in Figure 3.11. 
 
Figure 3.11 -Heat induction through the inductor and the substrate.  
In order to analyse the thermal aspect in one turn, as shown in Figure 3.12, the Fourier 
law of thermodynamics is used in the following subsection.  The heat flux 𝑞′′ between 
a-b is calculated after applying boundary conditions between a-b as it will be explained 
later. The one turn is considered, as shown in Figure 3.12, by looking through the cross 
section of the inductor at the direction Y in Figure 3.11  
 
Figure 3.12- A cross section of the inductor showing the heat flux and th e 
temperature dependence of each quarter of one turn Q1, Q2, Q3 and Q4.  
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3.3.3.1 Fourier Law in Thermodynamics  
Heat energy 𝑄 transferred through a given surface per unit time forms the heat flux 
per unit area (𝑞") and according to the Fourier law in thermodynamics [ 88], the heat 
flux per unit area 𝑞′′( 𝑊𝑚−2) is proportional to the gradient of temperature or 
temperature profile ∇𝑇  (K) in a material of thermal conductivity k (W/m.K). 
 𝑞"(𝑥, 𝑦, 𝑧) =  −𝑘(𝑥, 𝑦, 𝑧).∇⃗ 𝑇(𝑥, 𝑦, 𝑧)    EQ 3.6 
In one dimension x: 
𝑞" =−𝑘. ∇⃗ 𝑇 = −𝑘
𝜕𝑇
𝜕𝑥
   EQ 3.7 
Heat transfer equation: 
Now, in order to find the heat energy equation, by using standard derivation [ 88], the 
rate of change of heat energy on total surface ?̇? (W) is obtained by calculating the 
variation of the energy of that system: 
 𝑃 =  
𝑑𝐸
𝑑𝑡
= ?̇?   EQ 3.8 
𝐸: The energy of the system. 
 𝐸 =  ∫ 𝜌𝑐 ∇𝑇. 𝑑𝑣 
𝑣
0
   EQ 3.9 
The sum of E as energies of small volume elements (𝑑𝑣) within the system can be 
expressed as an integral, which is equal to energy on total surface: 
 ?̇?  =  
𝑑𝐸
𝑑𝑡
=  ∫ 𝜌𝑐
𝜕𝑇
𝜕𝑡
𝑣
0
𝑑𝑣  EQ 3.10 
(ρ) is the density, (c) is the specific heat capacity (volumetric) and the integral is over 
the volume of the system. 
The energy on total surface can also be written in integral form as: 
 ?̇?  =  −∫ 𝑞"⃗⃗  ⃗ . ?̂?. 𝑑𝐴 + ∫ 𝑞′′′
𝑣
0
. 𝑑𝑣 
𝐴
0
 EQ 3.11 
n is the normal outward vector at the surface element (dA) (which is why the minus 
sign is present) and the integral is taken over the area of the system. The second 
integral represents the generation of heat within the system which is described by a 
volumetric heat source function  q′′′ (𝑊𝑚−3). 
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Writing all the terms in the energy equation in the form of volume integrals, and from 
EQ 3.10 & EQ 3.11, energy conservation gives: 
∫(𝜌𝑐
𝜕𝑇
𝜕𝑡
+ ∇. 𝑞" −
̇
 𝑞′′′)𝑑𝑣
𝑣
= 0 
EQ 3.12 
The Law of conservation of energy must apply to any volume so must also apply to 
an infinitesimal volume 𝑑𝑣 over which all quantities can be considered to be constant 
thus: 
𝜌𝑐
𝜕𝑇
𝜕𝑡
+ ∇. 𝑞" −
̇
 𝑞′′′ = 0 
EQ 3.13 
From EQ 3.7 & EQ 3.13 
𝜌𝑐
𝜕𝑇
𝜕𝑡
= 𝑘. ∇2⃗⃗⃗⃗ 𝑇 +
̇
 𝑞′′′ 
EQ 3.14 
In steady state 
𝜕𝑇
𝜕𝑡
=0, thus the conduction equation of the system can be written as: 
𝑘(𝑥, 𝑦, 𝑧).∇2⃗⃗⃗⃗ 𝑇(𝑥, 𝑦, 𝑧) +𝑞′′′(𝑥, 𝑦, 𝑧)  =  0   EQ 3.15 
 
{
  
 
  
 𝑘𝑥
𝜕2𝑇(𝑥, 𝑦, 𝑧)
𝜕𝑥2
+ 𝑞′′′
𝑥
(𝑥, 𝑦, 𝑧) = 0
𝑘𝑦
𝜕2𝑇(𝑥, 𝑦, 𝑧)
𝜕𝑥2
+ 𝑞′′′
𝑦
(𝑥, 𝑦, 𝑧) = 0
𝑘𝑧
𝜕2𝑇(𝑥, 𝑦, 𝑧)
𝜕𝑥2
+ 𝑞′′′
𝑧
(𝑥, 𝑦, 𝑧) = 0
 
 
EQ 3.16 
Simplify to one dimension x: 
𝑘(𝑥).
𝜕2𝑇(𝑥)
𝜕𝑥2
+ 𝑞′′′(𝑥) = 0 
EQ 3.17 
For a specific conductor, the power generated P is proportional to the square of the 
current 𝐼2 (𝐴) applied through the conductor and the resistance R (Ω) for one-
dimensional current flow only: 
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Figure 3.13- Applying a boundary condition between the part a -b in Figure 
3.12 . 
𝑃 = 𝐼2. 𝑅 ∶ 𝑅 =
𝑟. 𝑥
𝐴
  , 𝑑𝑅 = 𝑟
𝑑𝑥
𝐴
 
EQ 3.18 
r is the electrical resistivity of the conductor (Ω.m), A is cross section (𝑚2) and x is 
the length (m). 
Also  
𝑃 = ∫𝑞′′′. 𝑑𝑣 
EQ 3.19 
Thus 
∫𝑞′′′. 𝑑𝑣 = 𝐼2𝑅 →  𝑞′′′ =
𝐼2𝑑𝑅
𝐴𝑑𝑥
=
𝐼2𝑟
𝐴2
  EQ 3.20 
From EQ 3.17&EQ 3.20: 
𝑘.
𝑑2𝑇(𝑋)
𝑑𝑥2
+
𝐼2𝑟
𝐴2
= 0 →  
𝑑𝑇(𝑋)
𝑑𝑥
= −
𝐼2𝑟
𝑘𝐴2
𝑥 + 𝐶1  
EQ 3.21 
 
𝑇(𝑋) = −
𝐼2𝑟
2𝑘𝐴2
𝑥2 + 𝐶1𝑥 + 𝐶2    
EQ 3.22 
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From Fourier law EQ 3.7 &EQ 3.21, the heat flux per unit area in one direction x is 
calculated: 
𝑞" =
𝐼2𝑟
𝐴2
𝑥 − 𝑘𝐶1 ( watt/m2) 
EQ 3.23 
3.3.3.2 Applying a boundary condition  
In order to calculate the heat flux 𝑞" between a-b (Figure 3.12) boundary conditions 
are applied as shown in Figure 3.13.  
The solution to EQ 3.22 & EQ 3.23 is obtained by applying the boundary conditions 
{
𝑇𝑥=0 = 𝑡0
𝑇𝑥=𝑙 = 𝑡𝑙
}assuming a given current value I. 𝑇𝑥=0 and 𝑇𝑥=𝑙  are the temperatures on 
the surface “a” and “b”  at x=0 and x= 𝑙 respectively. 
From EQ 3.22 
𝑇(𝑥=0) = −
𝐼2𝑟
2𝑘𝐴2
(0)2 + 𝐶1(0) + 𝐶2 = 𝑡0   thus  𝐶2 = 𝑡0  
Thus 
𝑇(𝑥=𝑙) = −
𝐼2𝑟
2𝑘𝐴2
(𝑙)2 + 𝐶1(𝑙) + 𝑡0 = 𝑡𝑙 
Thus, 
 𝐶1 = (𝑡𝑙 − 𝑡0 +
𝐼2𝑟
2𝑘𝐴2
(𝑙)2)/𝑙      EQ 3.24 
 
 
Thus the temperature as a function of the height x is 
𝑇(𝑋) = −
𝐼2𝑟
2𝑘𝐴2
𝑥2 + ((𝑡𝑙 − 𝑡0 +
𝐼2𝑟
2𝑘𝐴2
(𝑙)2)/𝑙)𝑥 + 𝑡0    
EQ 3.25 
From EQ 3.23 the heat flux as a function of the height x is 
 𝑞" =
𝐼2𝑟
𝐴2
𝑥 − 𝑘((𝑡𝑙 − 𝑡0 +
𝐼2𝑟
2𝑘𝐴2
(𝑙)2)/𝑙)  EQ 3.26 
It is indicated from EQ 3.25 & EQ 3.26 that the temperature is a function of the square 
of the current 𝐼2 and the second degree of the height 𝑥2. The heat flux is a function of 
the square of the current 𝐼2 and the height 𝑥 .If both temperature 𝑡0 and 𝑡𝑙 are known 
the temperature along 𝑙 height can be obtained. 
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3.4 Electro-Thermal Simulation  
Both the temperature of the inductor after applying a high current through it and the 
direct liquid cooling effect have been checked by simulating the inductor on the DBC, 
as shown in Figure 3.14, with the usage of ANSYS R15.0 (Electro-Thermal 
simulation). 
 
Figure 3.14- The inductors on the DBC-simulation in ANSYS. 
The materials of the inductor, the top layer and the bottom layer of the DBC where set 
to copper while aluminium nitride AlN was chosen for the middle layer of the DBC.  
First the simulation has been done by applying a current of 5A through the inductor 
considering only the exchange of the heat energy of both inductor and DBC with the 
surrounding environment. Thus, a convection of natural air (stagnant air convection 
of 5 𝑊.𝑚−2𝐾−1) has been applied on the whole copper surface of the inductor and 
the substrate. The temperature of the inductor was captured, as shown in Figure 3.15. 
It shows an average temperature of 64 °C of the inductor. Thus, more efficient cooling 
will be required if a higher current is applied through the inductor.  
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Figure 3.15-ANSYS simulation at 5 A with poor cooling.  
In order to check the effect of the heat coefficient h on limiting the increase in the 
inductor’s temperature a current of 60 A dc has been applied through the inductors. 
Various values of heat coefficient h were used by applying a convection which is 
presenting the direct cooling on the bottom of the substrate [1.2, 6, and 10] 
𝑘𝑊.𝑚−2𝐾−1 with fixed ambient temperature of 24 °C in order to show the effect of 
an appropriate cooling method on limiting the rise of the temperature when a high 
current is applied through the inductor. A stagnant air convection of 5 (𝑊.𝑚−2𝐾−1) 
has been applied on the whole outer surface of the inductor representing the exchange 
in heat between the inductor and the surrounding environment, in addition to the direct 
substrate cooling but it doesn’t significantly change the results. 
The captured temperatures of the inductor at 60A and different values of heat 
coefficient h are shown in Figure 3.16.  
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Figure 3.16- ANSYS simulation at 60 A, one side direct liquid cooling with (a) 
h= 1.2 𝑘𝑊/𝑚2𝐾. (b) h=6 𝑘𝑊/𝑚2𝐾. (c) h=10 𝑘𝑊/𝑚2𝐾.  
Figure 3.16 shows the temperature of the inductor at different heat transfer coefficients 
h when applying 60A DC. It is shown that at the higher heat coefficient of 
10 𝑘𝑊/𝑚2𝐾 an average temperature of around 40 °C occurs in the inductor, while it 
is around 44 °C and 90 °C when the heat coefficient is 6 𝑘𝑊/𝑚2𝐾 and 1.2 𝑘𝑊/𝑚2𝐾 
respectively. Thus the usage of an efficient direct liquid cooling method ensures a 
limits of the temperature increase in the inductor. A value of heat coefficient is chosen 
to simulate the inductor in order to provide close enough values of temperature at the 
points a & b to those obtained from measurements in the following section. The heat 
flux (𝑞") and the temperature (T) were plotted against height (x) and compared to the 
measurements in the following section. 
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3.5 Experimental Validation 
The possibility of obtaining a high energy density by applying a high current through 
the inductor with the ability to restrict the inductor’s temperature, by using an efficient 
direct cooling method, is validated in this section. The DC current will be increased 
between [20A-80A] and it will be applied through the inductors as in Figure 3.17 . 
The temperature of the inductor will be captured with the usage of a thermal camera 
and will be compared to the ones from the analytical model and ANSYS simulations. 
3.5.1 Experiment Setup 
The experimental setup is shown in Figure 3.17 and the block diagram including the 
pump and the pips is shown in Figure 3.18,  where a direct liquid cooling system was 
attached to the bottom of the DBC. Temperature sensors have been attached to the 
pipes which supplies the input and output water to the package. A DC current was 
applied at currents between [20A-80A] to provide a source of heat in the inductor 
winding. 
 
Figure 3.17- The experiment setup. 
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Figure 3.18- The experiment setup diagram.  
The cooler used in the test has been chosen in cooperation with an existing project, it 
was designed to create as far as possible a uniform heat transfer coefficient under the 
inductor winding. The geometry of the cooling arrangements were beyond the scope 
of the project. 
3.5.1.1 The Pre-Test Considerations  
1- A DC current supplier (TDK-Lambda, 0-120 A) has been used in order to 
apply up to 80A (DC) across the inductor. 
2- In order to avoid any possible high-pressure leak of the coolant liquid the 
package (the inductor on the DBC) has been fixed on the top of the cooler 
using a non-corrosive silicon rubber RS 494-118 [ 89]. A further fixing, using 
a two plastic parts attached to each other with screws as it is shown in 
Figure 3.19, in order to fix the cooler and the package firmly.  
3- Because of the fact that the copper is a thermally reflective metal, all copper 
surfaces were coated in black paint to enhance the emissivity of the surface of 
the inductor.  
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Figure 3.19- Assembling the cooler system and the DBC with the inductors. (a) 
Before painting the inductor and attach the top cover. (b) After painting the 
copper surfaces and attaching the cover.  
4- De-ionised Water [ 90] was used as a liquid coolant, in the pump (Thermo 
SCIENTIFIC), with temperature 24.9 °C at the ambient. The flow rate of the 
coolant inside the package was measured showing a value of 0.013 𝑘𝑔. 𝑠−1. 
the test has been done under the same conditions as the flow rate was measured, 
where the pipe with the return water was left unattached with the device and 
the water was running directly inside the tank. 
5- The Cedip Infrared System Thermal Camera (TITANIUM Series) has been 
used in order to capture the temperature in the inductor. The camera was 
calibrated (auto calibration) and the ambient temperature was set to the room 
temperature 24.9 °C. The position of the camera was fixed in order to capture 
the side face of the package as shown in Figure 3.17, thus the temperature 
along the line between the points ( a-b) top-to bottom of the side of one turn of 
the inductor (refer to Figure 3.17), can be captured. 
6- A KEITHLEY 2700 Multi-meter [ 92] and two temperature sensor, which is 
compatible with the PT100 Resistance Table (Resistance vs Temperature), 
refer to Figure 7.7 Appendix B, is used in order to register the inlet and outlet 
Temperature of the water. Results have been obtained and organised in 
Table 7.4- Appendix B. The inlet/outlet temperature was measured after a 
period of time when the readings of the multi meter are stable, refer to the 
temperature vs time at 60A Figure 7.6 Appendix B as an example. 
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Another issue to be considered is the way that the inductor has been soldered 
on the substrate. Actually the bottom turns of the coil were expected to be 
connected fully in order to provide the maximum conduction of heat through 
them. The package has been scanned using a 3-D X-Ray Computed 
Tomography System. A cross section in the inductor and the substrate, as 
shown in Figure 3.20, indicates that the solder between the inductor and the 
substrate is not filling all the area and it is with more or less 40 % voids. 
Actually this is due to the difficulties in soldering this type of inductor on the 
substrate without shorting the turns of the inductor. Thus only a relatively 
small amount of the solder paste was applied. The existence of the voids in the 
solder layer which connects the inductor and the substrate will affect the 
conduction of the heat out of the inductor’s winding due to the increased 
thermal resistance. Thus, a difference in the temperature values between 
simulation and experiment is expected. 
 
 
Figure 3.20- A cross section of the package, obtained by 3-D X-Ray, showing 
the situation of the solder’s density between the inductor and the substrate.  
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3.5.2 Experimental Results 
The test has been done by applying different DC current values between [20-80A] on 
the inductor. The temperature at each different current has been captured through the 
thermal camera. Figure 3.21 shows a comparison between the temperature at currents 
60 and 80 A. The rise in temperature at higher current is noticeable. Also the captured 
temperature at the top surface of the inductor far from the direct cooling is higher than 
the bottom one. This is in agreement with the analysis. The inconsistent temperature 
gradient between turns, as shown in Figure 3.21, is due to the inconsistent thermal 
contact between the inductor and the DBC as explained previously. 
 
Figure 3.21– Thermal camera image for one side cooling (a) at 60A. (b) At 
80A. 
Figure 3.22 shows the temperature at each different current along one turn (as shown 
in Figure 3.20- the studied turn is defined by a yellow rectangular) between the bottom 
and the top of the inductor side face (a-b) (refer to Figure 3.17), with the usage of the 
direct liquid cooling.  
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Figure 3.22- Temperature vs Current on one turn between two points from the 
bottom till the top (a-b). 
Figure 3.23 shows the temperature difference ΔT1 between point a (which is at the 
level of the connection between the winding and the DBC) and the ambient water 
temperature. It also shows the temperature difference ΔT2 between points a & b 
(which is at the level of the top surface of the winding). 
 
Figure 3.23- The temperature rise at both points a & b vs  𝐼2. 
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It is apparent from both Figure 3.22 and Figure 3.23 that the increase of the 
temperature against the increase of I2 at point “a” is equal to the increase of the 
temperature at point “b” for a certain current value. In other words the drop of 
temperature in the winding is nearly equal to the drop of temperature between the 
water and DBC top layer. This for the case of this specific design. 
In order to understand the efficiency of the suggested cooling method the thermal 
resistance of the cooling system (as shown in Figure 3.24) has been calculated, for a 
specific flow rate (0.013 kg/sec) as following: 
 
Figure 3.24- Total thermal resistance between the cooling level and point a 
(the bottom of the copper winding).  
The rate of change of heat energy on total surface in watts is   
 ?̇? =
𝑑𝑚
𝑑𝑡
× 𝑐 × ∆𝑡 EQ 3.27 
Where   
1. 
𝑑𝑚
𝑑𝑡
 is the flow rate in 𝑘𝑔. 𝑠−1. 
2. c is the specific heat (𝐾𝑗. 𝑘𝑔−1𝐾−1). 
3. ∆𝑡 is the change of temperature. 
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By using EQ 3.27. The heat transfer for the water at 60A is ?̇?  = 98.34 𝑊 
Where  
 ∆𝑡  is the difference of the inlet and outlet temperature of the water at 60A 
is  1.79 K from Table 7.4 in Appendix B. 
 
𝑑𝑚
𝑑𝑡
 The flow rate of the water in the cooling system is 0.013 kg from Table 7.4 
in Appendix B. 
 Thermodynamic properties of water are from Table 7.2 in Appendix B. 
The thermal resistance between the cooling level and point “a” is explained in 
Figure 3.24. 
Total thermal resistance is found from EQ 3.28, 𝑅𝑡ℎ−𝑡𝑜𝑡𝑎𝑙  = 0.164 𝐾.𝑊
−1 
 ∆𝑇 = ?̇? × 𝑅𝑡ℎ EQ 3.28 
∆𝑇 is the temperature difference between the cooler and point “a” at 60A , 
∆𝑇 =  16.18 K as in Figure 3.23. 
The total thermal resistance in the DBC and the solder has been calculated for each 
layer using EQ 3.29, 𝑅𝑡ℎ−1 = 0.039 𝐾.𝑊
−1. 
 𝑅𝑡ℎ =
𝑑
𝑘 ×𝐴
 EQ 3.29 
Where; 
d is the thickness of the layer in meter (refer to Table 7.3 in Appendix B). 
K is the thermal conductivity of the material (refer to Table 7.3 in Appendix B). 
A is the cross section of the heat transfer area. For the DBC A= 404.4 𝑚𝑚2 is the total 
bottom surface area of the copper winding considering only 60% of this area is in 
contact with the DBC as it was explained before in Figure 3.20. For the solder layer 
A= 269.6 𝑚𝑚2 is the total bottom surface area of the copper winding considering only 
40% of this area is presenting the solder surface area as was explained before in 
Figure 3.20. 
As a result, the thermal resistance of the cooler as in Figure 3.24: 
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𝑅𝑡ℎ−0 = 𝑅𝑡ℎ−𝑡𝑜𝑡𝑎𝑙 −  𝑅𝑡ℎ−1 =  0.164 –  0.039 = 0.125 𝐾.𝑊
−1.    
Comparing this value to the thermal resistance of some commercial heatsink, it is 
found that a heat sink with a similar thermal resistance value of 0.177 𝐾.𝑊−1.[ 91] 
has a volume of ( 151.5 𝑚𝑚 × 181.5 𝑚𝑚 × 89 𝑚𝑚) and a weight of 535g, while the 
cooling structure used in this test has a volume of (50 𝑚𝑚 × 70 𝑚𝑚 × 10𝑚𝑚) and 
a weight < 50 g. 
It is indicated from Figure 3.23 that at a current of 70 A the temperature increase from 
the ambient is around 43 °C. Thus this current value will be considered the rated  𝐼𝑟𝑚𝑠 
of the inductor which is the current that causes a temperature rise of 40°C in the 
inductor. 
Figure 3.25 shows a comparison between analysis, simulation and measurement for 
the temperature vs height at different points between “a” and “b” when applying 60A 
through the conductor. 
For the simulation, the purpose was to predict the heat coefficient of the used cooling 
system, thus a heat coefficient of 5 kW.m−2K−1 has been found to give the closest 
temperature values comparing to those obtained from the measurements.  The only 
convection of temperature applied in the simulation was on the bottom of the substrate, 
thus no further exchange of temperature between the inductor and the surrounded 
space has been considered. 
For the analysis, EQ 3.25  has been used at 60A the both 𝑡0 and  𝑡𝑙 were taken from 
the measurements results at 𝑥 = 0 𝑚𝑚 and 𝑥 = 𝑙 = 14.4 𝑚𝑚 respectively. The cross 
section of the turn 𝐴 = 1.53 𝑚𝑚2, the thermal conductivity of the copper (at 56 °C) 
𝐾 = 400 W/𝑚K  and the  resistivity of the copper (at 56 °C) 𝑟 = 1.91 Ω.m have been 
used in order to obtain the curve of the temperature against the height. 
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Figure 3.25- A comparison between analysis, simulation and measurement for 
the Temperature (T) vs Height (x) between the part a -b with boundary 
condition at 60A. 
Figure 3.25 shows a good agreement in the temperature curve shape between 
analytical analyses, simulation and measurement with less than a 5°C error in 
experimental testing.  It is noticed from Figure 3.25 that the temperature’s values 
obtained from the measurements are higher comparing to the analytical and simulation 
results especially at the second point close to the substrate where there is an increase 
in temperature about 5 °C. Actually this difference is probably due to two facts: 
1- The poor thermal contact between the windings and the substrate in reality as 
it is shown in Figure 3.20. 
2- Fixed values for thermal conductivity and resistivity of the copper were used 
in the analytical analysis in order to simplify the formulas. While in reality 
both thermal conductivity and resistivity of the copper conductor are 
temperature dependent. Resistivity increases or decreases significantly as 
temperature changes. The relationship between resistivity and temperature is:  
 ∆𝜌 =  𝛼 × ∆𝑇 × 𝜌0 EQ 3.30 
 Where,  
∆𝜌 : Change of the resistivity. 
α : Resistivity, temperature coefficient. 
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ΔT : Change of temperature. 
𝜌0 : Original resistivity. 
While the thermal conductivity K is defined in EQ 3.31 as the quantity of heat 
transmitted, Q, due to unit temperature gradient 𝜕𝑇, in unit time under steady 
conditions in a direction normal to a surface of unit area 𝜕𝑛 [ 92]. 
 𝐾 = −𝑄/
𝜕𝑇
𝜕𝑛
  EQ 3.31 
3- Another error here to be considered could be inaccuracies in the measurement 
technique as the line from a to b has been drawn manually and proximity along 
the turn as it shown in Figure 3.22, thus the points compared along the line a-
b between the analytical analysis , simulation and measurements are not quite 
the same. 
4- In the theory one isolated turn was considered and it was assumed that the heat 
is going in one direction and the calculations have been done for one direction. 
While in reality the heat is going in 3 direction as it is shown in Figure 3.16 
where the temperature of the middle turns seems higher. 
Actually, the modelling of the heat transfer along the conductor was useful in order to 
evaluate the efficiency of the cooling system as it shows a lower temperature at the 
point (a) near the applied cooling comparing to the temperature at the furthest point 
from the cooling (b) with a difference around 40%. The simulation has been done by 
matching the temperature values from the experiments in order to predict the heat 
transfer coefficient of the used cooling system, which it was around 6 /𝑚2𝐾 . This 
value is within the typical heat transfer values of the cooling method used (forced 
liquid cooling) which is up to 10 𝑘𝑊/𝑚2𝐾 (refer to Table 7.1 [ 94]). In general if the 
specific heat transfer coefficient of the cooling system is known the ANSYS 
simulation might be useful to predict a temperature value close to reality. 
3.5.3 Comparison with Commercial Inductors 
In order to determine the effectivity of the thermal performance of the designed 
inductor at high currents it is compared to a standard inductor off-the-shelf. Table 3.1 
shows a comparison between the design inductor and a high current helical inductor-
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30µH-180A [ 67], as shown in Figure 3.26, at their rated 𝐼𝑟𝑚𝑠 current has been done 
from the energy density perspective. 
  
Figure 3.26- High Current Helical Inductor-30uH-180A.  
This comparison considers the fact that the commercial inductor is without any heat 
sink or direct cooling and its heat is conducted naturally to the outer environment 
through its Aluminium enclosure while the designed inductor has a liquid direct 
cooling applied at the bottom of the substrate. Refer to Figure 7.8 Appendix B for the 
thermal camera measurements of the commercial inductor at different current values. 
The commercial inductor shows a larger weight and volume (0.5 kg) and 
207.4 ×  103 𝑚𝑚3  respectively comparing to the designed inductor’s which has a 
0.0935 Kg of weight and a 25.05 ×  103 𝑚𝑚3of volume. 
A comparison between the energy density of both inductors for their maximum 
operated current (not including the cooling system for the commercial inductor nor the 
pump for the cooling system of the designed inductor) is shown in Table 3.1 
Table 3.1 A comparison between the energy density of both inductors at their 
maximum operated current  
 Commercial 
inductor 
Designed 
inductor 
Maximum operated current I(A) 100  70 
Inductance value at the operated current (µH) 13.4 20.5 
Stored energy E (J) 0.067 0.05 
Volumetric Energy density (J/mm3) 0.32 × 10−6 2 × 10−6 
Gravimetric Energy density (J/Kg) 0.134 0.537 
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The higher value of energy density of the designed inductor makes it more suitable 
solution for this kind of integration and energy density requirement. For all dimension 
and schematics for both inductors please refer to Appendix A (Figure 7.3 and 
Figure 7.5). 
3.6 Conclusion  
The work in this chapter has investigated the cooling design of high energy density 
inductors. The inductor design has been exported into ANSYS R15.0 where it has been 
analysed under the effect of high DC current. The thermal management method has 
been validated by experiment and results have been achieved and analysed. This work 
has obtained a high energy density inductor by applying a high current density, with 
the use of an efficient cooling system. It has been found that increasing the current up 
to 70 A, a current density of around 46A/mm2 will increase the temperature of the 
inductor from the ambient temperature by 40 °C, This current is defined by the 𝐼𝑟𝑚𝑠 
of the inductor.  
This temperature rise is for the DC winding losses 𝐼2 𝑅. For the increase of the 
temperature due to the extra losses under ripples and DC bias a cooling with higher 
heat coefficient might be needed. These losses will be investigated in Chapter 5 
Actually the obtained 𝐼𝑟𝑚𝑠 in this section has a significant value of 70 A. However, 
this value can be increased by improving the contact between the windings and the 
substrates, as explained in Figure 3.20. This will lead to less voids in the solder layer 
and thus a better conduction of the temperature out of the inductors. Then the applied 
current can be increased. 
A comparison between a commercial inductor (high current helical inductor-30uH-
180A) and the designed inductor from an energy density perspective has shown that 
although it is possible to find an inductor off-the-shelf which can operate at a high 
current level, the proposed inductor with its light weight and smaller volume is more 
suitable for the purpose of the integration on the same substrate of the active 
components than the bulky commercial inductor such as this,.  
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4 Chapter 4- High Frequency Modelling of the 
Inductor, Electro-Magnetic Approach 
4.1 Introduction 
The design of passive filtering components is one of the important issues in the 
conception of power converters [ 95][ 96] as smaller size passive components are 
preferred. Some of the applications of these components include input/output ripple 
reduction filters, common mode and differential mode filters. At high frequency the 
passive components with their stray elements, such as equivalent series inductance of 
capacitors and equivalent parallel capacitance of inductors, have a major impact on 
filter efficiency [ 97]. Thus, in order to design and improve the performance of the 
filter a high-frequency model including parasitic elements, must be used, particularly, 
in the case of wide band gap devices which operate at frequencies where the inductor 
doesn’t behave as an inductor.  
Two distinct methods are recognized to model these components:  
1. Physical based models which represent device characteristics through physical 
equations and associated equivalent circuits. This method will require some 
knowledge of the material properties, structure, and operating mechanism. 
Thus it is often not easy to use [ 98] [ 99] [ 100]. 
Researchers have proposed a method to identify the model parameters by 
fitting an equivalent circuit model of the passive components [ 101]. In their 
study [ 101] an equivalent circuit model of coupled inductors is proposed and 
validated experimentally using the open and short circuit measurements. Their 
results show a very good agreement between simulation results and 
experimental data up to 30 MHz. 
2. Behavioural modelling which is widely used in the literature for noise 
modelling and prediction process [ 102][ 103][ 104]. The behavioural model 
represents the noise source with an equivalent circuit, typically a current or 
voltage source or an ideal switch, together with some equivalent impedances 
representing parasitic impedances. A new frequency-domain modular-
terminal-behavioural (MTB) modelling approach for characterizing conducted 
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(EMI) noise sources in a converter is proposed by researchers [ 104] where the 
equivalent current source and source impedance are established through a test 
and characterization procedure for a given device under the specified operating 
conditions. 
It is clear from the comparison between the methods above that the physical-based 
model is more challenging to realise as a design tool due to its modelling and 
application complexity. On the other hand, behavioural modelling, although simpler 
than the physical based model, may have compromised accuracy because no 
knowledge of internal material is required and the parasitic impedance is simplified 
and sometimes totally omitted.  
In this chapter, because it is very important to characterize the magnetic components 
and predict their resonance frequency and parasitic capacitance at high frequencies. 
An equivalent electric circuit of the inductor based on a physical model is proposed 
and solved in LTSPICE, and the impedance curve is obtained. The method is validated 
experimentally using the Impedance Analyser KEYSIGHT E4990A by means of 
impedance measurements between the input and output of the inductor. Both 
inductance and capacitance matrices are obtained using MAXWELL 16 software 
(Magneto-static and Electrostatic solvers). An equivalent electrical circuit of the 
inductor is proposed.  
Most existing passive filtering components response test procedures are based on 50 
ohm insertion loss measurements. Which can result in unanticipated responses which 
can lead to serious system degradation problems [ 105]. The two port network 
measurements have been recommended by J.E. Bridges & W. Emberson [ 105]. 
Two- port measurements can be used to provide sufficient information to completely 
characterize the performance of passive components over a wide variety of source and 
load impedance conditions. 
Other studies have presented methods of obtaining an impedance matrix and the 
transfer function matrix, for example, Snowdon [ 106] who derived the relations for 
the four-port parameters of a passive system and Doige [ 107] who extended this to a 
general symmetric system, but both studies lacked mathematical rigour. In another 
study [ 108] the general relationships between these matrices were derived by 
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investigating the properties of the impedance matrix and the transfer matrix of 
symmetrical, reciprocal and conservative system.  
4.1.1 Equivalent Circuit of the Inductor 
In order to characterize the inductor and predict its resonance frequency and parasitic 
capacitance at high frequencies, it is important to propose an equivalent electric circuit 
of it. Ideally A simplified equivalent circuit consists of inductance and the self-
capacitance with no resistive part, they both form a parallel resonant circuit, which has 
self-resonance frequency 𝑓𝑟  [ 54]. 
𝑓𝑟  =
1
2𝜋√𝐿𝐶
 
EQ 4.1 
 
Figure 4.1 shows the plots of the susceptances 𝐵𝐶= ω C , 𝐵𝐿=− 1 /(ω L ) ,and 
B =𝐵𝐶+𝐵𝐿= ωC−1/(ωL) as functions of frequency for inductance L = 1μH and C = 
1nF. At 𝑓𝑟 , the total susceptance of an inductor is zero. Below  𝑓𝑟 , the inductor 
reactance is inductive. Above  𝑓𝑟  , the inductor reactance is capacitive. Therefore, the 
operating frequency range of an inductor is usually from DC to 0.9 𝑓𝑟  [ 54]. 
 
Figure 4.1- the plots of the susceptances 𝐵𝐶= ω C , 𝐵𝐿=− 1 /(ω L ) ,and B = 𝐵𝐶 
+ 𝐵𝐿 = ω C − 1 /(ω L ) as functions of frequency for inductance L = 1 μ H  and 
C = 1nF [ 54]. 
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In practice, an inductor has a resistive part and it can be modelled by an equivalent 
circuit at high frequency as shown in Figure 4.2-(a), where𝑅𝐿, 𝐿𝐿and 𝐶𝑆 are, 
respectively, the equivalent resistance, inductance and lumped capacitance of the 
inductor [ 109]. The resistive effect 𝑅𝐿 is mainly caused by winding, eddy current and 
hysteresis losses, and 𝐶𝑆 ,which is called stray capacitance or self-capacitance, 
represents the distributed capacitance, between the winding turns, acts like a shunt 
capacitance, passing a high-frequency displacement current. While, the classic lumped 
model of an inductor is as shown in Figure 4.2-(b), where 𝐶𝑡𝑡 is the turn to turn 
capacitance, 𝑅𝑡 is the turn resistance and 𝐿𝑡 is the turn inductance [ 110][ 111]. It 
depends on the winding geometry, the proximity of turns, core, and shield, and the 
permittivity of the dielectric insulator, in which the winding wire is coated. If the core 
is a conductive material then it should be insulated to increase the distance between 
the turns and the core, and therefore reduce the capacitance between the winding and 
the core. The coil-to-ground stray capacitance is negligible which means that there are 
no grounded conductors nearby. Otherwise, a different circuit model for the stray 
capacitance has to be used [ 54]. 
 
Figure 4.2- (a) The simplified lumped parameter equivalent circuit of an 
inductor. (b) A network of lumped equivalent circuits for n turn of the 
inductor[ 109]. 
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The equivalent impedance of the model shown in Figure 4.2 is given by Bartoli [ 109]:  
|𝑍| = √𝑟2 + 𝑥2  EQ 4.2 
And 
𝜑 = 𝑎𝑟𝑐𝑡𝑎𝑛 (
𝑥
𝑟
) EQ 4.3 
The series reactance x: 
𝑥 =
𝑗𝜔𝐿𝑆(1 − 𝜔
2𝐿𝑆𝐶𝑆 − 𝑅𝑆
2𝐶𝑆/𝐿𝑆)
(1 − 𝜔2𝐿𝑆𝐶𝑆)2 + (𝜔𝐶𝑆𝑅𝑆)2
 
EQ 4.4 
 
𝑟 = 𝑅𝑆
1
(1 − 𝜔2𝐿𝑆𝐶𝑆)2 + 𝜔2𝐶𝑆
2 𝑅𝑆
2 
EQ 4.5 
 
The series resistance r and the series reactance x can be measured with a network 
analyser and they are in general, frequency dependent. Figure 4.3 shows the magnitude 
and phase of impedance for the inductor at high-frequency. The reactance x is zero 
when the inductor is operated at the self-resonant frequency𝐹𝑟: 
We can find 𝑅𝑆 and 𝐿𝑆 as following 
𝑅𝑆 =
1 − √1 − 4𝑟2𝜔2𝐶𝑆
2(1 − (𝜔2𝐿𝑆𝐶𝑆)2
2𝑟𝜔2𝐶𝑆
2  
EQ 4.6 
 
𝐿𝑆 =
1 +√
𝑅𝑆
𝑟 − (𝜔𝐶𝑆𝑅𝑆)
2
𝜔2𝐶𝑆
 
 
EQ 4.7 
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Figure 4.3-Impedance of the high-frequency inductor model. (a) | Z | versus  
frequency. (b) Φ versus frequency [ 54]. 
The self-capacitance of an inductor can be experimentally determined by measuring 
the self-resonant frequency 𝑓𝑟 and the inductance L with a network analyser. The self-
resonant frequency can be detected by the maximum magnitude or the zero phase of 
the inductor impedance [ 54]. 
The self-capacitance can be calculated from the equation: 
𝐶𝑠 =
1
4𝜋2𝐿𝑓𝑟
2  EQ 4.8 
A network of lumped equivalent circuits for n turns of the inductor similar to the one 
shown in Figure 4.4, but with a square cross section conductor, will be proposed later 
in this chapter and will be solved in order to find the equivalent impedance and 
consequently the parasitic capacitance of the inductor.  
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Figure 4.4 shows a solenoid inductor with a conductor having a resistivity ρ and 
therefore a series resistance 𝑅𝑠. Insulated turns of conductors form turn-to-turn 
capacitances 𝐶𝑡𝑡. Therefore, an electric field exists between the turns with different 
potentials and stores electric energy. At high frequencies, the displacement current 
flows through the capacitors and bypasses the inductive and resistive conductors [ 54]. 
 
Figure 4.4- Distributed inductance, resistance, and capacitance of an inductor 
[ 54]. 
4.1.2 Parasitic Capacitance 
The capacitance of a parallel-plate capacitor, which consists of two conductive plates 
insulated from each other as shown in Figure 4.5, is equal to the ratio of the charge 
stored on one plate to the voltage difference between the two plates [ 54].  
C=Q/V EQ 4.9 
The capacitance is a function only of the geometry of the design (e.g. area of the plates 
and the distance between them) and the permittivity of the dielectric material between 
the plates of the capacitor. For a capacitor constructed of the two parallel plates in 
Figure 4.5, both of area A separated by a distance d, if d is sufficiently small with 
respect to the smallest dimension of A, the capacitance C is [ 54]: 
𝐶 = 𝜀𝑟𝜀0
𝐴
𝑑
 
EQ 4.10 
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Figure 4.5- Parallel-plate capacitor.  
Where 
C is the capacitance, in farads F. 
A is the area of overlap of the two plates, in square meters 𝑚2. 
𝜀𝑟 is the relative static permittivity (sometimes called the dielectric constant) 
of the material between the plates (for a vacuum, 𝜀𝑟 = 1). 
𝜀0 is the di-electric constant (𝜀0 ≈  8.854 × 10
−12 F ⋅ m−1 ). 
d is the separation between the plates, in meters m. 
In a solenoid inductor any two adjacent turns can function as a capacitor, though the 
results parasitic capacitance is small unless the turns are close together for long 
distances or over a large area. The geometrical structures of solenoid inductors are 
much more complex than those of the parallel plate capacitor, which makes deriving 
a formula for the parasitic capacitance complicated. Some analytical methods to 
calculate the parasitic capacitance for simple geometries of inductors will be explained 
below. 
4.1.2.1 Analytical Expressions for Parasitic Capacitance 
In previous studies [ 112][ 113][ 114][ 115][ 116] a high-frequency model of inductors 
is developed. The impedance of inductors is studied as a function of frequency. 
Physics-based analytical expressions for self-capacitances of foil winding inductors, 
single-layer, and multilayer round wire inductors are derived using geometrical 
methods. 
Researchers [ 54] [ 116][ 117] discussed various analytical methods to calculate the 
parasitic capacitance for simple geometries of inductors and transformers, many of 
which are based on empirical formula.  
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In [ 117] an analytical method is used to determine the self-capacitance of a single-
layer inductor as is shown in Figure 4.6. It is assumed that the capacitances between 
nonadjacent turns are much lower than those between adjacent turns and can be 
neglected. The formula EQ 4.11 for the capacitance between two parallel round bare 
conductors placed in a homogeneous medium has been derived for the turn-to-turn 
capacitance of a single-layer inductor without or with a nonconductive core.  
𝐶𝑡𝑡 =
𝜋𝜖𝑙𝑇
cosh−1(
𝑝
2𝑎)
=
𝜋𝜖𝑙𝑇
𝑙𝑛 [
𝑝
2𝑎 +
√(
𝑝
2𝑎)
2
− 1]
=
𝜋2𝜖𝐷𝑇
𝑙𝑛 [
𝑝
2𝑎 +
√(
𝑝
2𝑎)
2
− 1]
   𝑓𝑜𝑟 𝑡 ≪ 𝑝 − 2𝑎 
EQ 4.11 
 
  
Figure 4.6- Cross-sectional view of a single- layer inductor with a core of a 
shield [ 117]. 
Where 𝑙𝑇 = π 𝐷𝑇 is the length of a single turn, 𝐷𝑇 is the coil diameter, ‘a’ is the bare 
wire radius, t is the thickness of the insulating coating, and p is the distance between 
the centrelines of two adjacent turns. 
Methods for calculating self-capacitance of a multilayer inductor and a multilayer 
inductor with conductive core have been also presented previously; Massarini and 
Kazimierczuk [ 118] have used the delta 𝛥-to- star Y transformation to determine the 
stray capacitance of inductors with many turns as shown in EQ 4.12. 
𝐶1,𝑁 = 𝐶𝑡𝑡 +
𝐶1,(𝑁−2)𝐶𝑡𝑡
2𝐶1,(𝑁−2)+𝐶𝑡𝑡
= 𝐶𝑡𝑡 +
𝐶𝑡𝑡
𝐶𝑡𝑡
𝐶1,(𝑁−2)
+ 2
= 𝐶𝑡𝑡 [
𝐶𝑡𝑡 + 3𝐶1,(𝑁−1)
𝐶𝑡𝑡 + 2𝐶1,(𝑁−1)
]   𝑓𝑜𝑟 𝑁 ≫ 4 
EQ 4.12 
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4.1.2.2 Finite-Element Analysis (FEA) Method for Parasitic Capacitance 
Unlike these analytical methodologies finite-element analysis (FEA) method has the 
ability to accurately determine the parasitic capacitances of complicated magnetic 
geometries while taking into consideration the physical properties of the materials. 
Techniques and methods to quantitatively predict the parasitic capacitance of coils and 
cores at high-frequency by the usage of finite-element analysis (FEA) have been 
presented previously [ 119][ 120] where the turn-to-turn capacitance was found in 
order to obtain the equivalent self-capacitance of a single-layer coil consisting of n 
turns wound on a conductive core.  
A Finite-element simulator such as MAXWELL from ANSOFT can solve the lumped 
capacitor network by giving a capacitance matrix represents the charge coupling 
within a group of conductors next to each other, which means the relationship between 
charges and voltages for the conductors. Consider for example a 3-conductor case with 
the outside boundary taken as a reference as shown in Figure 4.7. According to the 
Maxwell capacitance matrix [ 121][ 122] the net charge Q on each object will be given 
by the following equations: 
Q1 = C11V1 + C12 (V1 - V2) + C13 (V1 - V3) EQ 4.13 
 
Q2 = C22 V2 + C12 (V2 - V1) + C23 (V2 - V3) EQ 4.14 
 
Q3 = C33 V3 + C13 (V3 - V1) + C23 (V3 - V2) EQ 4.15 
 
 
Figure 4.7-Capacitances between three conductors.  
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This can be expressed in matrix form as: 
 [
𝑄1
𝑄2
𝑄3
] = [
𝐶11 + 𝐶12 + 𝐶13 −𝐶12 −𝐶13
−𝐶12 𝐶12 + 𝐶22 + 𝐶23 −𝐶23
−𝐶13 −𝐶23 𝐶13 + 𝐶23 + 𝐶33
] [
𝑉1
𝑉2
𝑉3
] 
EQ 4.16 
 
The C matrix is: 
 𝐶 = [
𝐶11 + 𝐶12 + 𝐶13 −𝐶12 −𝐶13
−𝐶12 𝐶12 + 𝐶22 + 𝐶23 −𝐶23
−𝐶13 −𝐶23 𝐶13 + 𝐶23 + 𝐶33
] 
EQ 4.17 
 
Extending to the general case, the Maxwell capacitance matrix has the form:  
[
𝐶11 + 𝐶12 +⋯+ 𝐶1𝑛                                   −𝐶12                               ⋯                               −𝐶1𝑛
        −𝐶12                                    𝐶12 + 𝐶22 + 𝐶23              ⋯                               −𝐶2𝑛
                         ⋯                                           ⋯                                          ⋯                                 ⋯     
−𝐶1𝑛                          −𝐶2𝑛                                      ⋯        𝐶1𝑛 + 𝐶2𝑛 +⋯+ 𝐶𝑛𝑛
] 
EQ 4.18 
For 3 conductors with voltage applied to one conductor 𝑉1 = 1 and zero volts applied 
to the other two conductors 𝑉2 = 0 & 𝑉3 = 0, the capacitance matrix from EQ 4.17 will 
be as follow: 
 𝐶 = [
𝐶11 + 𝐶12 + 𝐶13
−𝐶12
−𝐶13
]    
EQ 4.19 
4.1.3 Flow Chart of the Methodology 
In this chapter, a method of obtaining the impedance curve and analysing the 
equivalent circuit of the inductor is presented and validated experimentally. Both 
inductance and capacitance matrices are obtained using Maxwell 16 software 
(Magneto-static and Electrostatic solvers). An equivalent electrical circuit of the 
inductor is proposed and solved in LTSPICE, and the impedance curve is obtained. 
The method will be validated experimentally using the Impedance Analyser 
KEYSIGHT E4990A. The flow chart of the method is shown in Figure 4.8 below.  
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Figure 4.8-The flow chart of the method.  
Each stage of obtaining the impedance cure in frequency domain will be explained in 
the following sections. 
4.2 Electrostatic Simulation, Capacitive parameters 
The capacitance matrices of the arrangements shown in Figure 4.9 have been obtained 
using Maxwell 16 (electrostatic solver) giving the values of capacitance as in between 
adjacent turns (𝐶𝑡1𝑡2, 𝐶𝑡2𝑡3…𝐶𝑡25𝑡26) and non-adjacent turns (𝐶𝑡1𝑡3, 𝐶𝑡2𝑡4, 
𝐶𝑡3𝑡5…𝐶𝑡24𝑡26). While Cm is the capacitance between the turns of both inductors as 
shown in Figure 4.9-(b) and 𝐶𝑡𝑠 is the capacitance between the bottom copper substrate 
and the inductor as shown in Figure 4.9-(c). The values of the capacitance are arranged 
in Table 4.4. Since the ferrite of the core is a very low conductivity material, the 
parasitic capacitances between the inductor and the core have been ignored. The 
inductor’s geometry and dimensions are shown in Appendix A, Figure 7.3. 
The element in the matrix 𝐶𝑡1𝑡1 are the sum of all capacitances from one conductor to 
all other conductors (𝐶𝑡1𝑡1=𝐶𝑡1𝑡3+ 𝐶𝑡2𝑡4+𝐶𝑡3𝑡5…+𝐶𝑡24𝑡26). These terms represent the 
self-capacitance of the conductors. Each is numerically equal to the charge on a 
88 
 
conductor when one volt is applied to that conductor and the other conductors 
(including ground) are set to zero volts. 
The turns were separated into individual rings in order to obtain the capacitance 
between them. A natural boundary is considered, where the normal component of the 
electric flux density D changes by the amount of surface charge density, and the 
tangent component of the electric field E is continuous. No special conditions are 
imposed. A region of air with size 100% bigger than the inductor size is encompassing 
the inductor but no voltage distribution has been applied between the inductor and the 
region.  
Figure 7.9 in Appendix C shows the capacitance matrix of the inductor as in 
arrangement in Figure 4.9-(c). The stray capacitance between non-adjacent turns will 
be ignored since it is small comparing to the capacitance between adjacent turns. 
 
 
Figure 4.9- Different arrangement of the inductor in order to obtain the stray 
capacitance. 
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4.3 Magneto-static Simulation, Inductive Parameters 
In order to evaluate the inductance for each turn in Figure 4.9-(a) & (b) considering 
also the coupling inductance between turns, the inductance matrix has been obtained 
from Maxwell (Magneto-static solver).  
4.3.1 Grouping Inductance Matrix Elements 
The matrix with the inductance of each turn and the mutual inductance between the 
turns has been obtained using Maxwell software (Electro-magnetic software), a 
current has been be applied across the inductor.  
The inductance matrix calculation is processed using the grouping function [ 121] 
which considers the coupling between the turns. The inductances of the coils can be 
calculated as follows: 
𝐿𝑠𝑒𝑟𝑖𝑒𝑠 𝑔𝑟𝑜𝑢𝑝 =∑𝐿𝑐𝑜𝑖𝑙𝑖
𝑚
𝑖=1
 +∑∑ 𝑀𝑖𝑗 ×
𝑚
𝑗=1
 𝑛𝑖 × 𝑛𝑗
𝑚
𝑖=1
     , 𝑖 ≠ 𝑗 
EQ 4.20 
Where: 
• m is the number of source entries being grouped. 
• Lcoili represents the self-inductance term of the coil  
• Mij the mutual inductance terms between the turns of the inductors.  
• ni ,nj are the number of turns for each coil in the group. 
Figure 7.10 in Appendix C shows the inductance matrix of the inductor as in the 
arrangement in Figure 4.9-(b). 
4.4 The Equivalent Circuit of the Inductor 
After computing the capacitance and inductance matrices for the inductor using 
Maxwell Electro-statics and Magneto-static simulation a proposed equivalent circuit 
will be solved using these values in order to obtain the impedance curve of the inductor 
in frequency domain. 
An equivalent circuit (the classic lumped model of an inductor), as shown in 
Figure 4.2-(b), of an inductor has been explained previously [ 54][ 56][ 119][ 123], 
where the parasitic capacitance turn to turn, turn to substrate and turn to core were 
analysed. 
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This method is referred in this chapter as notion1 and is explained below analytically 
using standard derivation considering 3 turns, as shown in Figure 4.10, assuming 
R1=R2=R3=0 in order to simplify the formulas. 
 
Figure 4.10- Lumped model of three adjacent turns of an inductor, notion 1 . 
4.4.1 The Equivalent Circuit of the Inductor Notion 1 
From Figure 4.10 the input current is split through the inductor’s turns 𝑖1, 𝑖2 & 𝑖3 and 
the parasitic capacitors 𝑖𝐶1, 𝑖𝐶2 &𝑖𝐶3. While 𝑣  is the voltage drop across each turn and 
its parasitic capacitance. 
{
𝑖 = 𝑖1 + 𝑖𝐶1
𝑖 = 𝑖2 + 𝑖𝐶2
𝑖 = 𝑖3 + 𝑖𝐶3
& 𝑣 = 𝑣1 + 𝑣2 + 𝑣3} 
EQ 4.21 
The instantaneous voltage across each turn of the inductor is equal to total inductance 
of the turn multiplying by the instantaneous rate of current change (amps per second). 
For a constant amplitude, sinusoidal current through the three turns the voltage vector 
is given by: 
[
𝑣1
𝑣2
𝑣3
] =[
𝐿1 𝑀12 𝑀13
𝑀21 𝐿2 𝑀23
𝑀31 𝑀32 𝐿3
] × [
𝑑𝑖1 𝑑𝑡1⁄
𝑑𝑖2 𝑑𝑡2⁄
𝑑𝑖3 𝑑𝑡3⁄
] = 𝑗𝜔[𝐿] × [
𝑖1
𝑖2
𝑖3
] 
EQ 4.22 
While, the instantaneous current through each parasitic capacitors is equal to 
capacitance of the turn multiplying by the instantaneous rate of voltage change (volts 
per second). For constant voltage across the three turns the current vector is given by: 
 𝑗𝜔 × [
𝐶1 0 0
0 𝐶2 0
0 0 𝐶3
] × [
𝑣1
𝑣2
𝑣3
] = [
𝑖𝐶1
𝑖𝐶2
𝑖𝐶3
] 
EQ 4.23 
Using EQ 4.21 in EQ 4.22 
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1
𝑗𝜔
× [𝐿]−1 × [
𝑣1
𝑣2
𝑣3
] = [
𝑖1
𝑖2
𝑖3
] = [
𝑖 − 𝑖𝐶1
𝑖 − 𝑖𝐶2
𝑖 − 𝑖𝐶3
] 
EQ 4.24 
Using EQ 4.23 in EQ 4.24 
 {
1
𝑗𝜔
× [𝐿]−1 + 𝑗𝜔[𝐶𝑀]} × [
𝑣1
𝑣2
𝑣3
] = [
𝑖
𝑖
𝑖
] 
EQ 4.25 
Thus, the admittance Y and the impedance Z of the inductor with 3 turns are: 
Y= {
1
𝑗𝜔
× [𝐿]−1 + 𝑗𝜔[𝐶𝑀]} 
EQ 4.26 
Z= (𝑌)−1={
1
𝑗𝜔
× (𝐿)−1 + 𝑗𝜔(𝐶𝑀)}  
−1 EQ 4.27 
While the capacitance matrix and the inductance matrix of the three turns are: 
 [𝐶𝑀] = [
𝐶1 0 0
0 𝐶2 0
0 0 𝐶3
]  & [𝐿] = [
𝐿1 𝑀12 𝑀13
𝑀21 𝐿2 𝑀23
𝑀31 𝑀32 𝐿3
] 
This method has been validated experimentally, first the impedance curve of the 
inductor in Figure 4.9(a) has been obtained from solving notion 1 in MATLAB using 
both inductance and the capacitance matrices from the MAXWELL Software. A 
Ferrite N95 core has been used in order to increase the inductance value, thus the 
resonance frequency is decreased and the impedance curve with its maximum value 
can be captured with the analyser frequency range [20 Hz-120 MHz]. 
The impedance curve of the inductor has been obtained by the KEYSIGHT E4990A 
impedance analyser. Both curves are compared as shown in Figure 4.11, where there 
is a significant difference between both simulation and experiment. For the resonance 
frequency, there is a difference of 63 MHz which means that resonance frequency’s 
value from measurements is around 58% below that from simulation. This difference 
can’t be justified only by the measurement errors and the difference in the inductor 
geometry between the designed and the real inductor. This means that this studied 
equivalent circuit (notion1) is not accurate for the inductor of this study. For the 
difference of the magnitude at resonant frequency this is due to the fact that the 
resistive component in the equivalent circuit has been ignored in order to simplify the 
simulation. 
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Figure 4.11-Impedance Z of inductor with 26 turns and N95 ferrite core -
simulation vs measurements using equivalent circuit 1(notion 1).  
From the comparison between the computed parasitic capacitance from both 
simulation and measurements in Table 4.1 an important difference is noticed that the 
simulation capacitance’s value is around 3 times smaller than it is in measurements, 
the effects of parasitic capacitance are not accurately reflected in the model. Therefore 
a more precise equivalent circuit is needed. This equivalent circuit of the inductor is 
proposed and called Notion 2. 
Table 4.1- Total parasitic capacitance C (pF) for the inductor with 2 6 turns 
and N95 ferrite core, notion1 vs measurements 
Total parasitic capacitance C (pF)  
Simulation Measurements 
0.1 0.33 
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4.4.2 Distributed Model  
In this section, a new approach, regarding the turn to turn parasitic capacitance will 
be presented and will be explained using two turn model as shown in Figure 4.12.  
 
Figure 4.12- Proposed analyses method for parasitic capacitance between two 
turns. 
Each turn has been divided into two partial inductance, (1, 2, 3) for first turn and 
(3, 4, 5) for second turn as shown in Figure 4.12. When the current enter point 1 it 
divides and part of it passes through the parasitic capacitance 𝑐1 and arrives at point 4 
after the point 3 which means to the second turn as it is explained more in Figure 4.13. 
Similarly, when the current enter point 2, part of it passes through the parasitic 
capacitance 𝑐1 and arrives at point 5 after the point 4. Thus each turn to turn 
capacitance 𝑐𝑡𝑡 is the sum of capacitors 𝑐1 and 𝑐2, also each turn inductance Lt is the 
sum of inductors L1and L2. 
 
Figure 4.13- Electric circuit representation of the proposed analys is method 
for parasitic capacitance between two turns. 
C1 C2 
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From Figure 4.13 the input current is split through the inductor’s partial 
turns (𝑖1, 𝑖2, 𝑖3 & 𝑖4) and also through the parasitic capacitance 𝑖𝐶1  (between 1&4) and 
𝑖𝐶2  (between 2&5). 𝑣 is the voltage drop across each turn and its parasitic capacitance.  
Thus, the current and the voltage drop in the circuit are as in the following equations: 
{
𝑖1 = 𝑖 − 𝑖𝑐1
𝑖2 = 𝑖3 = 𝑖 − 𝑖𝑐1 − 𝑖𝑐2
           
𝑣𝑐1 = 𝑣1 + 𝑣2 + 𝑣3
𝑣𝑐2 = 𝑣2 + 𝑣3 + 𝑣4
𝑣 = 𝑣1 + 𝑣2 + 𝑣3 + 𝑣4
 𝑖4 = 𝑖 − 𝑖𝑐2                                                                                         
 𝑖5 = 𝑖                                                                                                    
} 
EQ 4.28 
The instantaneous voltage across each partial turn of the inductor is equal to 
inductance of that part multiplied by the instantaneous rate of current change (amps 
per second). For constant amplitude sinusoidal current through the two turns as shown 
in Figure 4.13 the voltage matrix of the voltage of each partial inductance (ignoring 
mutual coupling) is giving in the equation: 
 [
𝑣1
𝑣2
𝑣3
𝑣4
] = 𝑗𝜔 × [
𝐿1 0
0 𝐿2
0
0
0
0
0 0 𝐿3 0
0 0 0 𝐿4
] [
𝑖1
𝑖2
𝑖3
𝑖4
] 
EQ 4.29 
The instantaneous current through each parasitic capacitors is equal to capacitance of 
the turn multiplied by the instantaneous rate of voltage change (volts per second). For 
constant voltage across the two turns the current matrix giving: 
[
𝑖𝑐1
𝑖𝑐2
] = 𝐽𝜔 × [
𝑐1 0
0  𝑐2
] × [
𝑣𝑐1
𝑣𝑐2
]: {
𝑖𝑐1 = 𝐽𝜔𝑐1𝑣𝑐1
𝑖𝑐2 = 𝐽𝜔𝑐2𝑣𝑐2
} 
EQ 4.30 
Considering 𝑖1, 𝑖2, 𝑖3 𝑎𝑛𝑑 𝑖4 from EQ 4.28 in  EQ 4.29: 
[
𝑣1
𝑣2
𝑣3
𝑣4
] = 𝑗𝜔 × [
𝐿1 0
0 𝐿2
0
0
0
0
0 0 𝐿3 0
0 0 0 𝐿4
] [
𝑖 − 𝑖𝑐1
𝑖 − 𝑖𝑐1 − 𝑖𝑐2
𝑖 − 𝑖𝑐1 − 𝑖𝑐2
𝑖 − 𝑖𝑐2
] 
EQ 4.31 
considering 𝑖𝑐1&𝑖𝑐2from EQ 4.30 in EQ 4.31: 
[
𝑣1
𝑣2
𝑣3
𝑣4
] = 𝑗𝜔 × [
𝐿1 0
0 𝐿2
0
0
0
0
0 0 𝐿3 0
0 0 0 𝐿4
]  × ([
𝑖
𝑖
𝑖
𝑖
] − 𝑗𝜔 [
𝑐1𝑣𝑐1
𝑐1𝑣𝑐1 + 𝑐2𝑣𝑐2
𝑐1𝑣𝑐1 + 𝑐2𝑣𝑐2
𝑐2𝑣𝑐2
]) 
EQ 4.32 
considering 𝑣𝑐1&𝑣𝑐2 from EQ 4.28 in EQ 4.33: 
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[
𝑣1
𝑣2
𝑣3
𝑣4
] = 𝑗𝜔 × [
𝐿1 0
0 𝐿2
0
0
0
0
0 0 𝐿3 0
0 0 0 𝐿4
]  × ([
𝑖
𝑖
𝑖
𝑖
] − 𝑗𝜔 [
𝑐1(𝑣1 + 𝑣2 + 𝑣3)
𝑐1(𝑣1 + 𝑣2 + 𝑣3) + 𝑐2(𝑣2 + 𝑣3 + 𝑣4)
𝑐1(𝑣1 + 𝑣2 + 𝑣3) + (𝑣2 + 𝑣3 + 𝑣4)
𝑐2(𝑣2 + 𝑣3 + 𝑣4)
]) 
EQ 4.33 
assuming that 𝑐1=𝑐2=𝑐𝑑 : 
[
𝑣1
𝑣2
𝑣3
𝑣4
] = 𝑗𝜔 × [
𝐿1 0
0 𝐿2
0
0
0
0
0 0 𝐿3 0
0 0 0 𝐿4
]  × ([
𝑖
𝑖
𝑖
𝑖
] − 𝑗𝜔 [
𝑣1
𝑣2
𝑣3
𝑣4
] ×
[
 
 
 
𝑐𝑑 𝑐𝑑 𝑐𝑑 0
𝑐𝑑 2𝑐𝑑
𝑐𝑑 2𝑐𝑑
0 𝑐𝑑
2𝑐𝑑 𝑐𝑑
2𝑐𝑑 𝑐𝑑
𝑐𝑑 𝑐𝑑]
 
 
 
) 
EQ 4.34 
Thus: 
 {
1
𝑗𝜔
× [𝐿]−1 + 𝑗𝜔[𝐶𝑀]} × [
𝑣1
𝑣2
𝑣3
𝑣4
] = [
𝑖
𝑖
𝑖
𝑖
]  
EQ 4.35 
Where [L] = [
𝐿1 0
0 𝐿2
0
0
0
0
0 0 𝐿3 0
0 0 0 𝐿4
]  
and 
 [𝐶𝑀] = [
𝑐𝑑 𝑐𝑑 𝑐𝑑 0
𝑐𝑑 2𝑐𝑑
𝑐𝑑 2𝑐𝑑
0 𝑐𝑑
2𝑐𝑑 𝑐𝑑
2𝑐𝑑 𝑐𝑑
𝑐𝑑 𝑐𝑑
]   
And Figure 4.13 leads to: 
 𝑣 = 𝑣1 + 𝑣2 + 𝑣3 + 𝑣4 = (∑ ∑ 𝑍𝑖𝑗
4
𝑗=1
4
𝑖=1 × 𝑖) EQ 4.36 
Thus, the admittance Y and the impedance Z of the inductor with 2 turns are: 
Y = {
1
𝑗𝜔
× [𝐿]−1 + 𝑗𝜔[𝐶𝑀]}  
EQ 4.37 
 Z = (𝑌)−1 = {
1
𝑗𝜔
× [L]−1 + 𝑗𝜔 [𝐶𝑀]}  
−1 = [
𝑍11 𝑍12
𝑍21 𝑍22
𝑍13 𝑍14
𝑍23 𝑍24
𝑍31 𝑍32
𝑍41 𝑍42
𝑍33 𝑍34
𝑍43 𝑍44
] 
EQ 4.38 
Assuming that it is assumed that 𝑐𝑑 =  𝑐1 = 𝑐2. 
4.4.3 New Lumped Model of the Inductor Notion 2 
A new lumped model for two adjacent turns of an inductor (notion 2) is proposed as 
shown in Figure 4.14.  
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Figure 4.14- Proposed lumped model of two adjacent turns of an inductor 
(notion 2) for parasitic capacitance between two turns.  
The equivalent impedance of this lumped model (notion 2) is  
 𝑍𝑒𝑞 =
2𝑗𝐿𝑡𝜔
1−2𝐿𝐶𝑡𝑡𝐿𝑡𝜔
 EQ 4.39 
𝑐𝑡𝑡 is the turn to turn capacitance and it is the sum of capacitors 𝑐1 and 𝑐2, also each 
turn inductance Lt is the sum of inductors L1and L2. 
 
The equivalent impedance of each of the three previous models, for two adjacent turns, 
(as in Figure 4.10, Figure 4.12 and Figure 4.14) are compared in Figure 4.15. In this 
comparison the distributed model (Figure 4.12) is extended to 32 partial inductance 
and the model have been solved numerically. Parameters for these calculations are: 
 𝐿𝑡 = 𝐿𝑡1 = 𝐿𝑡2 = 𝐿1 + 𝐿2 + 𝐿3 +⋯+ 𝐿32 =𝐿33 + 𝐿34 + 𝐿35 +⋯+ 𝐿64 
 𝐿1 = 𝐿2 = 𝐿3 = ⋯ = 𝐿64 = 𝐿𝑡/32 
 𝐶𝑡𝑡 =  𝐶1 + 𝐶2 + 𝐶2 +⋯+ 𝐶32 
 𝐶1 =  𝐶2 = 𝐶2 = ⋯ = 𝐶32 = 𝐶𝑡𝑡/32 
 Fixed values for 𝐶𝑡𝑡 = 3 𝑝𝐹 𝑎𝑛𝑑 𝐿𝑡 = 1 𝑛𝐻 have been considered in the 
calculation. 
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Figure 4.15-A comparison of the equivalent impedance of each of the three 
previous models. 
The first resonant frequency of the distributed model is smaller than classical lumped 
model (notion 1) and higher than the proposed lumped model (notion 2). However, as 
the measurements showed in Figure 4.11, the resonance frequency of the inductor is 
over estimated by notion 1. This comparison (Figure 4.15) shows that notion 2 can 
better represent the frequency behaviour of the inductor, as it already predicts a smaller 
first resonant frequency comparing to the distributed model.  
Here, the idea of notion 2 will be applied to a 26-turns inductor as shown in Figure 4.16 
and compared with measurements. 
 
Figure 4.16- Proposed lumped model of 25 turns of an inductor (notion 2).  
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The experimental impedance curve of the inductor was obtained with the usage of 
Analyser KEYSIGHT E4990A while the theoretical impedance curve was obtained 
by solving the equivalent circuit equation from above for 26 turns in MATLAB 
R2012a using both inductance and the capacitance matrices from MAXWELL 
Software. The impedance curves are compared as shown in Figure 4.17.  
 
Figure 4.17- Impedance Z of inductor with 26 turns and N95 ferrite core -
simulation vs measurements using equivalent circuit 2 . 
The comparison between the simulation using the proposed notion 2 and the 
measurements indicates a good agreement between them. For the resonance 
frequency, there is a difference of 8 MHz which means that resonance frequency’s 
value from simulation is around 90% of that from measurements. This difference can 
be justified by: 
1- Measurements error due to compensation and calibration in the impedance 
analyser. 
2- The difference in the inductor geometry between simulation and reality which 
might cause slight differences in both inductance and parasitic values. 
3- For the difference of the magnitude this is due to the fact that the resistive 
component in the equivalent circuit has been ignored in order to simplify 
solving the simulation. 
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Parasitic capacitances has been obtained from the impedance curves and compared in 
Table 4.2. It shows a reasnoble agreement between simulation and measurements. 
Table 4.2- Total parasitic capacitance C (pF) for the inductor with 26 turns 
and N95 ferrite core, notion2 vs measurements 
Total parasitic capacitance C (pF)  
Simulation Measurements 
0.39 0.32 
 
4.4.4 Simplified Equivalent Circuit in Simulation 
The simulation is done in both MATLAB and LTSPICE, where in MATLAB the 
inductance matrix, which was obtained by MAXWELL Electro-magnetic solver, is 
imported including the coupling between all turns. In LTSPICE a simplified method 
is applied and the total inductance value taken from MAXWELL is divided by the 
number of turns and called inductance per turn Lt. In this case coupling is ignored. It 
has been proved that both methods of computing the inductance have the same results 
regarding to the impedance curves up to the first resonance frequency as shown in 
Figure 4.18.  
 
Figure 4.18- Impedance curve for one inductor with N95 ferrite core 26 turns. 
LTSPICE vs MATLAB 
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4.5 The Two Port Network Measurements 
In this section the two port network measurements will be explained in order to obtain 
the transfer function from the output to the input with open output 𝐼2= 0 which will 
reflect the behaviour of the interturn parasitic capacitance of the proposed inductor 
and between the inductor and the bottom substrate. This kind of measurements is 
needed when the inductor is soldered on the substrate as shown in Figure 4.9-(c) and 
Figure 3.9.  
A two port network is a four terminal circuit in which the terminals are paired to form 
an input port and an output port. The defining of port voltages and currents are shown 
in Figure 4.19. The linear circuit connecting the two ports is assumed to be in zero 
state and to be free of any independent sources, which means that there is no initial 
energy stored in the circuit and the box in the figure below contains only resistors, 
capacitors, inductors, mutual inductance, parasitic capacitance and dependent sources 
[ 124]. 
 
Figure 4.19- Two-port circuit [Z]impedance matrix [ 125]. 
In order to characterize a two-port circuit we should identify the circuit parameters. In 
this approach, port voltages 𝑉1and 𝑉2 and port currents 𝐼1and 𝐼2 are the only available 
variables. The circuit parameters are defined by expressing two of these four port 
variables in term of other two variables. The four matrices, which can be obtained by 
analysing the two port network, and their defining equations are organised in Table 4.3 
below.  
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Table 4.3- The matrices which can be obtained by analysing the two port 
network [ 125]. 
Matrix Express In 
terms 
of 
Defining equations 
Impedance 
[
𝑧11 𝑧12
𝑧21 𝑧22
] 
𝑉1,𝑉2 𝐼1, 𝐼2 𝑉1 = 𝑧11𝐼1 + 𝑧12𝐼2 and  𝑉2 = 𝑧21𝐼1 + 
𝑧22𝐼2 
Admittance 
[
𝑦11 𝑦12
𝑦21 𝑦22
] 
𝐼1, 𝐼2 𝑉1,𝑉2 𝐼1 = 𝑦11𝑉1 + 𝑦12𝑉2 and  𝐼2 = 𝑦21𝑉1 + 
𝑦22𝑉2     
Hybrid 
[
ℎ11 ℎ12
ℎ21 ℎ22
] 
𝑉1,𝐼2 𝐼1,𝑉2 𝑉1 = ℎ11𝐼1 + ℎ12𝑉2 and  𝐼2 = ℎ21𝐼1 + 
ℎ22𝑉2    
Transmission 
[
𝐴 𝐵
𝐶 𝐷
] 
𝑉1,𝐼1 𝑉2, 
−𝐼2 
𝑉1 = A𝑉2 − B𝐼2 and  𝑉2 = 𝐶𝑉2 − 𝐷𝐼2    
 
In order to obtain these matrices experimentally the two port network open /short 
measurements [ 126][ 127], should be done with the usage of impedance analyser. On 
the other hand, to obtain the impedance curves analytically the equivalent electric 
circuit of the inductor from notion2 will be simulated with the usage of LTSPICE.  
To find the transfer function matrix [T], the impedance matrix [Z] has been found first 
analytically using standard derivations [ 125] and experimentally following the two 
port circuit measurements for the equivalent circuit of the passive components as 
shown in Figure 4.19 below. 
The port voltage in terms of the port current [ 125]: 
𝑉1 = 𝑍11𝐼1 + 𝑍12𝐼2 EQ 4.40 
𝑉2 = 𝑍21𝐼1 + 𝑍22𝐼2 EQ 4.41 
Both  𝑍11& 𝑍22 are the driving points of the two port’s impedance. While, 𝑍12 is the 
forward transfer impedance and 𝑍21 is the reverse transfer impedance. 
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For reciprocal networks 𝑍12 = 𝑍21. For symmetrical networks 𝑍11 = 𝑍22. For 
reciprocal lossless networks all the  𝑍11, 𝑍22,  𝑍12 and 𝑍21 are purely imaginary. 
In order to find the impedance matrix the open/short circuits measurements between 
AC and BD in Figure 4.19 are done as in the following equations [ 125]: 
1- Measurements between AC with BD open, 𝐼2 = 0: 
𝑍1 =   𝑍11 = 
𝑉1
𝐼1
 
 
EQ 4.42 
2-  Measurements between AC with BD shorted, 𝑉2 = 0: 
𝑍2 = 𝑍11 −
𝑍12𝑍21
𝑍22
= 
𝑉1
𝐼1
    
EQ 4.43 
 
3- Measurements between BD with AC open, 𝐼1 = 0: 
𝑍3 =   𝑍22 = 
𝑉2
𝐼2
    
EQ 4.44 
4- Measurements between BD with AC shorted, 𝑉1 = 0: 
𝑍4 = 𝑍22 −
𝑍21𝑍12
𝑍11
= 
𝑉2
𝐼2
 
EQ 4.45 
The impedance matrix Z is found by solving these equations EQ 4.42 till EQ 4.45 : 
𝑍 = [
 𝑍1  √𝑍1𝑍3 − 𝑍2𝑍3  = √𝑍3𝑍1 − 𝑍4𝑍1
 √𝑍1𝑍3 − 𝑍2𝑍3  = √𝑍3𝑍1 − 𝑍4𝑍1 𝑍3
] 
EQ 4.46 
 
To find the transfer function matrix from [Z] to [T1], as shown in Figure 4.20,the input 
voltage and current are expressed in terms of output voltage and current: 
𝑉1 = 𝐴𝑉2 + 𝐵𝐼2
′ EQ 4.47 
𝐼1 =  𝐶𝑉2 + 𝐷𝐼2
′: 𝐼2
′ = −𝐼2 EQ 4.48 
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Figure 4.20- Two-port circuit [T1] Transmission matrix [ 125]. 
In order to find the transmission matrix the open/short circuit measurements between 
AC and BD in Figure 4.20 are done and by solving EQ 4.40, EQ 4.41, EQ 4.47 and 
EQ 4.48. the transmission matrix is : 
 
[𝑇1] =[
𝐴1 𝐵1
𝐶1 𝐷1
] = [
  𝑍11
𝑍21
 −𝑍12𝑍21+  𝑍11𝑍22
𝑍21
1
𝑍21
 𝑍22
𝑍21
] 
EQ 4.49 
 
And the transfer function T which express the output voltage to the input voltage 
when the output is open circuit is: 
𝑇𝑟 =
𝑉2
𝑉1
 When −𝐼2 = 0 =
Z11
Z22
  EQ 4.50 
4.5.1 The Inductor in LC Filter 
In order to study the performance of the inductors on the substrate (Figure 3.9) as a 
part of LC filter, the inductors on the PCB are associated with capacitors to achieve a 
complete LC filter. The inductor is connected to a capacitor Co of value 4 µF shown 
in Figure 4.21. The experimental result is presented in the experimental validation 
section below.   
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Figure 4.21- The output Capacitor Co (4 µF). 
The transfer function matrix [T] for the cascaded circuits of the inductor and the 
capacitor, shown in Figure 4.22, will be found. 
 
Figure 4.22- Tow-port circuit with output capacitor C.  
The equations EQ 7.1 to EQ 7.16 in Appendix C explain how to cascade two two- port 
circuits. Thus, following the same method, the output port in terms of the input port is 
[ 125]: 
[
𝑉1
𝐼1
] = [𝑇1][𝑇2] [
𝑉3
𝐼3
′] 
EQ 7.3 
[
𝑉1
𝐼1
] = [
𝐴1 𝐵1
𝐶1 𝐷1
] [
𝐴2 𝐵2
𝐶2 𝐷2
] [
𝑉3
𝐼3
′] = [
𝐴 𝐵
𝐶 𝐷
] [
𝑉3
𝐼3
′] 
EQ 7.4 
And the equivalent transmission matrix of the two 
cascaded ones is [T]: 
 
 [T] =  [
𝐴 𝐵
𝐶 𝐷
] EQ 7.5 
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A=𝐴1𝐴2 + 𝐵1𝐶2  
B=𝐴1𝐵2 + 𝐵1𝐷2  
C=𝐶1𝐴2 + 𝐷1𝐶2  
D=𝐶1𝐵2 + 𝐷1𝐷2  
The LC filter will be analysed later using the impedance analyser.  
4.6 Simulation and Experimental Validation 
With the usage of LTSPICE IV software and MATLAB R2012 the equivalent circuit 
will be solved in order to find the resonance frequency and the impedance curve. Ctt 
is the turn to turn parasitic capacitance, Cm is the parasitic capacitance between the 
two half-windings and Cts is the parasitic capacitance between the inductor windings 
and the bottom substrate. Figure 4.23 shows a two turns’ equivalent circuit and a cross 
section showing the structure of the equivalent circuit of two inductor next to each 
other soldered on a copper substrate each of n and m turns. Component values are 
given in Table 4.4. 
Table 4.4- Passive values of the inductor obtained by Maxwell software 
Terms Description Value used 
in LTSPICE 
 𝐶𝑡𝑡 capacitance between adjacent turns 3.4 pF 
 𝐶𝑚 capacitance between two adjacent 
turns, one in each half-winding 
(both inductors) 
0.04 pF 
 𝐶𝑡𝑠 capacitance between the bottom 
copper substrate and the inductor 
1.5 pF 
 𝑅𝑡(𝐷𝐶) dc resistance per turn 0.6mΩ 
𝐿𝑡𝑜𝑡𝑎𝑙   (air cored) Total inductance for 52 turns- air 
cored inductor obtained from 
Maxwell Electro-magnetic solver 
6 µH 
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𝐿𝑡 (air cored) = 𝐿𝑡𝑜𝑡𝑎𝑙 (air cored) 
/52 turns 
Inductance per turn for air cored 
inductor  
0.11µH 
 
𝐿𝑡 (N95 core with distributed air 
gap) = 𝐿𝑡𝑜𝑡𝑎𝑙  (N95 core with 
distributed air gap)/26 turns 
Total inductance for 26 turns- 
Ferrite N95 core with distributed air 
gap 18/10-obtained from Maxwell 
Electro-magnetic solver 
10µH 
𝐿𝑡𝑜𝑡𝑎𝑙  (N95 core with distributed air 
gap)  
Inductance per turn for N95 core 
with distributed air gap  
0.38µH 
𝐿𝑡𝑜𝑡𝑎𝑙  (N95 core with distributed air 
gap)  
Total inductance for 52 turns- 
Ferrite N95 core with distributed air 
gap 18/10-obtained from Maxwell 
Electro-magnetic solver 
24 µH 
𝐿𝑡 (N95 core with distributed air 
gap) = 𝐿𝑡𝑜𝑡𝑎𝑙 (N95 core with 
distributed air gap)/52 turns 
Inductance per turn for N95 core 
with distributed air gap  
0.45 µH 
 
The accuracy of the suggested notion2 and equivalent circuit approach will be 
validated by comparing the simulation results to measurements which are done with 
the usage of the impedance Analyser KEYSIGHT E4990A. 
 
Figure 4.23 – (a) Two turns’ equivalent circuit. (b) A cross section showing the 
structure of the equivalent circuit of two inductor next to each other soldered 
on a copper substrate each of n and m turns.  
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4.6.1 Pre Test Preparation; Calibration and Compensation of the 
Impedance Analyser KEYSIGHT E4990A 20Hz-120MHz. 
In order to prepare the experimental set-up pre-test essential calibration and 
compensation steps have been done prior to the measurements of the inductor. The 
Oscillator Levels (Voltage or Current) are included in Table 4.5. 
User calibration consists of two calibration data acquisition procedures: OPEN and 
SHORT circuit, these types of calibration data must be obtained when performing user 
calibration, as shown in Figure 4.24. 
 
Figure 4.24- The circuit models of the fixture compensation kit used for the 
KEYSIGHT E4990A Impedance Analyser [ 128]. 
Table 4.5- The Oscillator (OSC) Level (Voltage or Current). 
The Oscillator (OSC) 
Level 
(1 mV/20 μA resolution) 
Min Max 
Voltage  -0.5 V +0.5 V 
Current  200 μA 20 mA 
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4.6.2 Experimental Validation Inductor Equivalent Circuit Notion 2 
The equivalent circuit of both inductors on short substrate, as shown in Figure 4.9-c, 
has been simulated in LTSPICE using notion 2 as explained above and the values from 
Table 4.4 were used in order to find the transfer function. 
The measurement in the lab has been done with the usage of the impedance Analyser 
KEYSIGHT E4990A, as shown in Figure 4.25 , where the impedance matrix [Z] has 
been obtained through the method of two port network measurements. The transfer 
matrix [T] has been obtained by solving the equations EQ 4.42 to EQ 4.49 in 
MATLAB and plotting the transfer function, as in EQ 7.16 Appendix C, 𝑇𝑟 =
𝑉2
𝑉1
 when 
(−𝐼2 = 0). 
 
Figure 4.25- The two port network measurements of two inductors on short 
substrate  
The comparison has been done for the inductors with an air cored and with ferrite 
N95. The impedance curves have been organised in Figure 4.26 and Figure 4.27. 
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Figure 4.26- The transfer function of the two inductors on short substrate with 
air cored, simulation vs measurements (in power scale). 
 
 
Figure 4.27- The transfer function of the two inductors on short substrate with 
ferrite N95 core, simulation vs measurements (in power scale). 
As it is shown in Figure 4.26 and Figure 4.27, notion 2 with the equivalent circuit-2 
has generated a transfer function almost matching the curves obtained by the 
measurements, although there is a difference in the magnitude due to the ac resistive 
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effect which has been ignored in the simulation. Resonance frequency’s (f0) difference 
between measurements and simulation for air cored and N95 ferrite core is 10% and 
7% respectively, an acceptable error and it can be justified by the measurements error 
due to calibration and compensation and the difference between the inductor geometry 
in simulation and reality. 
4.6.2.1 Modelling the Inductor on the Substrate Level at High Frequency 
The main aim is modelling the inductor on the substrate level in order to estimate the 
parasitic capacitance and its effect on the inductor performance and after the validation 
of the proposed equivalent circuit notion2, the accuracy of notion2 has been found to 
be satisfying.  
Thus, in order to check the performance of both inductors on the substrate level, as 
shown in Figure 3.9 and Figure 4.28, the equivalent circuit is simulated in LTSPICE 
using notion 2 as has been explained above and using the values from Table 4.4 and 
Table 4.6 in order to find the transfer function.  
The measurement in the lab is done with the usage of the impedance Analyser 
KEYSIGHT E4990A following the same method as before. 
Figure 3.9 shows the substrate with the both inductors soldered on it, these two 
inductor, each is with 26 turns, are connected together from one side forming one 
inductor with 52 turns, while on the opposite side the current is passing through the 
first inductor and coming out from the ending of the second inductor. Dimensions of 
each inductor of 26 turns are shown in Appendix A, Figure 7.3. The main aim is to 
characterise the inductor and the copper substrates total parasitic capacitance. 
As it is shown in Figure 4.28 there are 5 areas where the parasitic capacitances are to 
be computed. 2 and 4 present the equivalent circuits of the two inductors, while 1, 3 
and 5 are the connected parts of the top copper substrate. 
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Figure 4.28- The equivalent circuit of the two inductors soldered on the 
substrate level with the parasitic capacitance of the inductor and the copper 
substrates top and bottom.  
In order to include the effect of the copper substrate in the two port network 
measurements, the parasitic capacitances between the top substrate 1, 3 and 5 as shown 
in Figure 4.28 have been obtained from Maxwell and the values have been organised 
in Table 4.6. It shows that the copper substrate is contributing most to the parasitic 
capacitance, thus dominating the parasitic effect on the transfer function of both 
inductors and the substrate. 
Table 4.6- Parasitic capacitance between the turns of the inductor on long 
substrate 
Ctt 3.4 pF 
Cm 0.04 pF 
Cts 1.5 pF 
C3 53 pF 
C4 50 pF 
C5 25 pF 
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As it is shown in Figure 4.29, the simulation has generated a transfer function curves 
almost matching the curves obtained by the measurements. The first resonance 
frequency’s (f0) difference between measurements and simulation is around 5%, an 
acceptable error and it can be justified by the measurement error due to calibration and 
compensation and the difference between the inductor geometry in both simulation 
and reality. 
 
Figure 4.29- The transfer function of the two inductors on the long substrate 
with ferrite N95 core, simulation vs measurements  (in power scale). 
The transfer function which is reflecting the frequency response of the inductor has 
been studied through simulation in order to understand what parameters of the inductor 
and the substrate affecting the resonance and anti-resonance.  
In LTSPICE simulation, the values of the inductance, capacitance and resistors from 
Figure 4.28 has been changed and the frequency response has been obtained and the 
effect on the resonance frequency has been noted as it is shown in Figure 4.30 below: 
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Figure 4.30- The Transfer function from the input to the output  in frequency 
domain from simulation.  
1- The first resonance frequency 𝑓0 is subject to the inductance value 𝐿1 and 
𝐿2 and also 𝐶5, the parasitic capacitance of the copper substrate part (5), 
while the peak is subject to the resistor of R. 
2- The second resonance frequency is subject to the inductance value of the 
first inductor 𝐿1, the turn to turn capacitance 𝐶𝑡𝑡1 of the first inductor and 
𝐶4 the parasitic capacitance of the copper substrate part (3). 
3- The anti-resonance frequency is subject to the inductance value 𝐿1 and 𝐿2 
and the turn to turn capacitance 𝐶𝑡𝑡1 and 𝐶𝑡𝑡2. 
An overlay of the result from Figure 4.27 (the inductor with ferrite on short substrate) 
and Figure 4.29 (the inductor with ferrite on long substrate) for comparison, with the 
consideration of the fact that the inductance value 𝐿1 &𝐿2 also the inductor parasitic 
capacitance 𝐶𝑡𝑡, 𝐶𝑚 and 𝐶𝑡𝑠 are the same in both cases, shows that with the 
contribution of the extra copper part to the parasitic capacitance the resonance 
frequency has dropped almost 40%. Furthermore the peak of the first resonance 
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frequency has increased around three time due to the reduced resistance in the long 
substrate. Here the comparison was made between the results from the measurements 
only as for simulation the ac inductor resistance 𝑅𝐴𝐶 has been ignored. The second 
resonance frequency has dropped due to the existence of 𝐶4 caused by the extra copper 
substrate, considering that both 𝐿1 and 𝐶𝑡𝑡1 are the same in both substrates. 
In simulation or measurement, the multiple resonances and anti-resonances from the 
model may be artefacts of the simulation model (C and L discretisation). 
4.6.2.2 The confidence factor CF’s validation 
A confidence factor was introduced as a useful consistency test to check measurement 
reliability.  
From EQ 4.46: 𝑍2𝑍3 = 𝑍4𝑍1  
Thus, the confidence factor is defined as follow: 
𝐶𝐹 = |(𝑍2𝑍3)/(𝑍4𝑍1)| =  |(𝑍4𝑍1)/(𝑍2𝑍3)|  EQ 4.51 
 
If the condition in EQ 4.46 is met then the confidence factor CF is equal to 1. This 
condition has been explored with the usage of the analyser KEYSIGHT E4990A and 
CF for the both inductors on the long substrate has been compared as shown in 
Figure 4.31. 
CF of the inductor with ferrite N95 core is equal to 1 up to 4 MHz then it deviates 
from 1, we are able to distinguish a maximum deviation of about 1.8 times at 5 MHz, 
while CF of the inductor with air cored core is equal to 1 up to 7 MHz after this it 
deviates from 1 about 1.6 times at 60MHz. and this because of the fact that the 
measurement accuracy changes with impedance, leading to large errors in one or more 
of the impedance matrix terms. 
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Figure 4.31- The confidence factor validation for the two inductors on the long 
substrate. 
4.6.3 The Inductor in an LC Filter Application 
The inductors on the PCB are associated with capacitors to achieve a complete LC 
filter. The capacitor consists of connected capacitors in parallel and series soldered on 
a PCB as shown in Figure 4.21. Schematic PCB details are given in Figure 7.12 and 
Figure 7.13 in Appendix C, while its impedance Z curve is shown in Figure 7.14. 
The transfer function for the inductor and output capacitor (LC filter), as shown in 
Figure 4.32, has been obtained with the help of the impedance analyser (two transfer 
functions measured separately ) and combined using cascading two of two- port circuit 
formula EQ 7.1 to EQ 7.16. It shows a resonance frequency of 17 kHz. 
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Figure 4.32- Transfer function-The designed inductor with N95 ferrite core-on 
PCB and the output capacitor Co.  
4.6.4 Comparison with a Commercial Inductors 
A comparison between the designed inductor and the high current commercial 
inductor (the same as used in the previous comparison) and has been done for the 
filtering perspective. The commercial inductor has an inductance of 30 µH and a self-
resonance frequency around 6 MHz. The transfer function for each of them with the 
output capacitor Co is shown in Figure 4.33. 
 
Figure 4.33- A comparison between the transfer function of the designed 
inductor and the commercial inductor with Co  (in power scale). 
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It is shown from the results above that both inductors has almost the same performance 
in the LC filter at high frequency with a difference in the first resonance frequency of 
3 kHz and a larger difference between the 3rd and the 4th resonance and anti-resonance 
frequencies due to the difference in the winding geometry of the both inductors which 
leads to a different parasitic capacitance between the both. Also the difference of the 
magnitude of both curves indicates a lower resistance in the designed inductor than in 
the commercial. In other words, both inductors have a close enough performance at 
high frequency, but the designed inductor is still more preferable for size and weight 
which suits the integration on the PCB substrate level. Please refer to the weight and 
size of the designed inductor in Chapter 3 section (3.5.3). 
4.7 Conclusion 
In this chapter, a characterisation of the magnetic components (the designed inductor 
and magnetic core) has been done. The classical approach (notion 1) has been found 
not suitable to model the proposed inductor at high frequency as it fails to predict the 
first resonance frequency of the inductor as shown in Figure 4.11, where that 
resonance frequency’s value from measurements is around 58% of that from 
simulation. Thus another equivalent electric circuit of the inductor (notion 2) is 
proposed and solved in LTSPICE in order to predict the resonance frequency of the 
inductor. A comparison between the simulation and the measurements, as shown in 
Figure 4.17, indicates a good agreement between them. The resonance frequency’s 
value from simulation is around 90%. 
The proposed method has been validated experimentally using the Impedance 
Analyser KEYSIGHT E4990A by means of impedance measurements between the 
input and output of the inductor. Results have shown a good agreement between 
simulation and measurements. Thus, the proposed equivalent circuits is considered to 
be valid. The inductor with the core material on the DBC has shown a resonance 
frequency of 4 MHz. 
A comparison between the designed inductor and a commercial off-the-shelf inductor 
from the shelf with a similar magnetic aspect has shown a similar performance for 
both inductors at high frequency but the designed inductor is still preferred due to its 
small size and weight which suits the integration on the PCB substrate level. 
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5 Chapter 5- Loss Measurements under DC bias and AC 
Ripple 
5.1  Introduction 
In this chapter the performance of the designed inductor, under realistic operating 
conditions is investigated. This magnetic component can be used as the output filter 
in a PWM inverter or a DC/DC converter. Figure 5.1 shows typical current waveforms 
which the windings of the inductor will be expected to conduct. In these waveforms, 
a high frequency AC ripple component is superimposed on a low frequency or a DC 
component.  
Increasing the energy density of the magnetic components is achieved by increasing 
current densities through the inductor windings since energy is proportional to current 
squared. Thus, it is important to study the losses produced in this component and 
identify the magnitude of each source of loss. This will be accomplished by taking 
into account the performance of the component under the large signal AC ripple and 
instantaneous DC bias tests (part of a low frequency AC component). 
After measuring the total energy loss in the magnetic component, the contributions of 
different sources of loss into that total loss, under an instantaneous DC bias and AC 
ripple, are investigated. These sources are: magnetic core loss, AC loss in the windings 
and the losses due to the DC component of the inductor (winding) current. 
Measurements are made using large signal rectangular voltage waveforms in order to 
provide more representative results for power electronic applications and provide a 
basis for validation of design simulations. 
The magnetic losses and their dependency on the frequency and flux density will be 
examined in detail within this chapter. Large signal characterisation, unlike the small 
signal analysis, is limited to lower frequencies (some 250 kHz). However, they provide 
conditions which are closer to those which would be found in the real applications and 
therefore one can rely on the characterisation results to estimate the performance of 
the magnetic component. Operating within these conditions will produce different 
levels of losses in the core compared to losses that are given by the datasheet values 
and this will be compared below. 
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Figure 5.1- AC current ripple superimposed on an instantaneous DC 
component. 
5.2 Winding and Magnetic Losses in Inductor   
Inductor losses consists of winding losses and core losses. These losses are caused by 
DC and AC current. 
1- Losses under DC current: The losses in a DC inductor are made up of copper 
losses due to the winding resistance. 
2- Losses under AC current: The losses in an AC inductor are made up of copper 
losses (resistive, eddy current and proximity losses in the windings) and 
Magnetic losses in the core (due to hysteresis and eddy current if the core is 
conductive). 
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5.2.1 Winding Loss 
In general, winding losses are subject to the shape and frequency of the current flowing 
through the inductor winding. For instance in applications such as PWM converters, 
the inductor current contains a DC component, a fundamental component and 
harmonics. Thus, the resulting winding loss depends on the DC current components 
as well as the DC and AC winding resistances 𝑅𝑤𝐷𝐶 and 𝑅𝑤𝐴𝐶 respectively. Studies 
have been done on AC resistance of windings at high frequencies including skin and 
proximity effects [ 87][ 129][ 130]. Analytical methods in calculating high frequency 
winding loss (in round wire) such as Dowell’s method and Bessel-function methods 
require assumptions which severely reduce their accuracy [ 131]. Moreover, this 
method is valid only for non-gapped magnetic materials.  
Thus some modification of Dowell’s method [ 131] was proposed based on FEM 
simulation data and expressing the results in terms of normalized parameter. Thus they 
construct a model to determine proximity-effect loss for any round-wire winding. Such 
numerical methods are capable of calculating loss with errors less than 2% and as each 
individual conductor must be modelled, this drastically reduces the speed for designs 
with high conductor strand counts. 
Studies on non-sinusoidal inductor current waveforms [ 132][ 133] and high-
frequency effects on the winding losses [ 134] have also been presented previously. 
However, there is a lack of comprehensive approaches to inductor design with gapped 
cores taking both skin and proximity effects into account in the presence of a non-
sinusoidal inductor current. Furthermore, the superimposed DC and AC current 
waveforms effect, which was ignored in [ 132], should be considered too. Thus, further 
methods for finding the losses under these conditions will be investigated. 
5.2.2 Losses under High Frequency AC Ripple and DC Bias with an 
air-gapped core  
The ideal choice for the magnetic material is one with high magnetic saturation and 
low magnetic loss, however when using an air-gapped core, applying high frequency 
ripple will introduce additional losses in the windings around the air gap, this is known 
as proximity losses. This is due to the magnetic fringing flux interacting with the 
windings around the airgap as shown in Figure 2.7 (the flux fringing has been 
explained previously in chapter 2). When the length of air gap increases, the proximity 
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effect also increases [ 135][ 56]. The reason is that when the gap dimension becomes 
too large, the fringing flux will interface with the copper winding and produce eddy 
currents within the winding, generating heat, just like an induction heater. The fringing 
flux will jump the gap and if the core is conductive, will also produce eddy currents 
in the core, as shown in Figure 2.7. 
 
Figure 5.2-flux fringing at air gap [ 56]. 
Existing high-frequency winding loss calculation methods usually include skin effect 
[ 136], but ignore the fringing effect losses (proximity loss) caused by air-gap fringing 
fluxes, resulting in large errors for winding loss analysis and loss reduction designs . 
Hu and Sullivan [ 137] proposed a method to replace the air-gap effect with an 
equivalent winding in the air-gap location and to delete the winding window boundary 
effects of the core and set of current carrying conductors in a region of uniform 
permeability. However, with a large air-gap, the accuracy of this method will be poor, 
especially for the field distribution near the air-gap. Thus, another study [ 138] 
proposed a modification scheme which is suitable for larger air gaps by replacing the 
air-gap magnetic voltage drop with an equivalent surface current sheet with certain 
shape and certain current density distribution near the air-gap. 
In general, the DC inductor winding resistance is given by: 
 𝑅𝑤𝐷𝐶 =
𝜌𝑤𝑙𝑤
𝐴𝑤
 EQ 5.1 
 
Where 𝜌𝑤is the winding conductor resistivity, 𝑙𝑤 is the winding conductor length, and 
𝐴𝑤 is the cross-sectional area of the winding conductor.  
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If the inductor is operated at DC or at a low frequency and the current density is 
uniform [ 54] then the winding power loss can be expressed by 
 𝑃𝑤𝐷𝐶 =  𝑅𝑤𝐷𝐶𝐼𝐷𝐶
2  EQ 5.2 
 
Where 𝐼𝐷𝐶  is the RMS value of the current flowing in the conductor and 𝑅𝑤𝐷𝐶 is the 
DC resistance of the winding. 
When the operating frequency is high, the current density is not uniform anymore and 
the winding AC resistance 𝑅𝑤𝐴𝐶 is higher than the DC resistance 𝑅𝑤𝐷𝐶  due to the skin 
and proximity effects [ 54] and the AC winding resistance can be expressed by: 
 𝑅𝑤𝐴𝐶 = 𝑅𝑤𝐷𝐶 + ∆𝑅𝑤𝐴𝐶 = 𝑅𝑤𝐷𝐶 (1 +
∆𝑅𝑤𝐴𝐶
𝑅𝑤𝐷𝐶
) =  𝐹𝑅𝑅𝑤𝐷𝐶 
EQ 5.3 
 
Where 𝑅𝑤𝐴𝐶  is the AC winding resistance,  𝐹𝑅 is the AC-to-DC resistance ratio or 
AC resistance factor, and it is defined as the AC-to-DC winding resistance ratio 
 𝐹𝑅 =
𝑅𝑤𝐴𝐶
𝑅𝑤𝐷𝐶
=  1 +
∆𝑅𝑤𝐴𝐶
𝑅𝑤𝐷𝐶
 EQ 5.4 
 
In applications where the inductor current is not a pure sinusoid, the harmonics 
associated with the inductor current waveform should be taken into account when 
calculating the winding power loss. In general, a periodic non-sinusoidal inductor 
current waveform consists of a DC component, a fundamental component and an 
infinite number of harmonics. If the DC component and the amplitudes or the RMS 
values of the current harmonics as well as the DC and AC winding resistances at the 
harmonic frequencies are known, the winding power loss at DC and each harmonic 
and therefore the total winding loss can be calculated. The inductor current iL 
waveform can be expanded into a Fourier series as in EQ 5.5 
𝑖𝐿 =  𝐼𝐿 + ∑ 𝐼𝑚𝑛 cos(𝑛𝜔𝑡 + 𝜑𝑛)
∞
𝑛=1
= 𝐼𝐿 + √2∑ 𝐼𝑛 cos(𝑛𝜔𝑡 + 𝜑𝑛)
∞
𝑛=1
 
 
EQ 5.5 
 
Where 𝐼𝐿is the DC component of the inductor current, 𝐼𝑚𝑛  is the amplitude of the 
𝑛𝑡ℎ harmonic of the inductor current, 𝐼𝑛 = 𝐼𝑚𝑛/√2 is the rms value of the  
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𝑛𝑡ℎ harmonic of the inductor current, and 𝜑𝑛 is the phase of the 𝑛
𝑡ℎ  harmonic 
frequency. 
Actually, Kondrath and Kazimierczuk, in their study [ 54] [ 139], proposed an 
expression for winding loss due to skin and proximity effects including harmonics in 
an inductor carrying periodic non-sinusoidal current. With the consideration of  the 
formulas EQ 5.1 till EQ 5.5 the general expression for winding loss because of the DC 
current and all harmonics of the inductor current is [ 139]. 
 𝑃𝑤 =  𝑃𝑤𝐷𝐶 + 𝑃𝑤𝐴𝐶 = 𝑅𝑤𝐷𝐶𝐼𝐿
2 + ∑ 𝑅𝑤𝐴𝐶𝑛𝐼𝑛
2∞
𝑛=1  
        = 𝑅𝑤𝐷𝐶𝐼𝐿
2 + 𝑅𝑤𝐴𝐶1𝐼1
2 + 𝑅𝑤𝐴𝐶2𝐼2
2 +⋯… .+𝑅𝑤𝐴𝐶𝑛𝐼𝑛
2  
        = 𝑅𝑤𝐷𝐶𝐼𝐿
2 + [1 + 
𝑅𝑤𝐴𝐶1
𝑅𝑤𝐷𝐶
 (
𝐼1
𝐼𝐿
)
2
+ 
𝑅𝑤𝐴𝐶2
𝑅𝑤𝐷𝐶
 (
𝐼2
𝐼𝐿
)
2
+⋯+
𝑅𝑤𝐴𝐶𝑛
𝑅𝑤𝐷𝐶
 (
𝐼𝑛
𝐼𝐿
)
2
]  
        = 𝑅𝑤𝐷𝐶[𝐼𝐿
2 + ∑ 𝐹𝑅𝑛𝐼𝑛
2∞
𝑛=1 ]  = 𝑅𝑤𝐷𝐶𝐼𝐿
2 [1 + ∑ 𝐹𝑅𝑛 (
𝐼𝑛
𝐼𝐿
)
2
∞
𝑛=1 ]  
         = 𝑃𝑤𝐷𝐶 [1 + ∑ 𝐹𝑅𝑛 (
𝐼𝑛
𝐼𝐿
)
2
∞
𝑛=1 ] =  𝑃𝑤𝐷𝐶 [1 +
1
2
∑ 𝐹𝑅𝑛 (
𝐼𝑚𝑛
𝐼𝐿
)
2
∞
𝑛=1 ] 
 
 
 
 
 
 
 
EQ 5.6 
The AC winding loss is  
 𝑃𝑤𝐴𝐶 = ∑ 𝑅𝑤𝐴𝐶𝑛𝐼𝑛
2∞
𝑛=1  = 𝑅𝑤𝐷𝐶𝐼𝐿
2 + 𝑅𝑤𝐴𝐶1𝐼1
2 + 𝑅𝑤𝐴𝐶2𝐼2
2 +⋯+ 𝑅𝑤𝐴𝐶𝑛𝐼𝑛
2 EQ 5.7 
 
 
Where 𝑅𝑤𝐷𝐶is the DC winding resistance, 𝑅𝑤𝐴𝐶𝑛  is the AC winding resistance at the 
𝑛𝑡ℎ harmonic frequency (𝑅𝑤𝐴𝐶1 , 𝑅𝑤𝐴𝐶2, 𝑅𝑤𝐴𝐶3, … . 𝑎𝑡 𝑓1, 2𝑓1, 3𝑓1… ..) and 𝐹𝑅𝑛 =
𝑅𝑤𝐴𝐶𝑛
𝑅𝑤𝐷𝐶
 is the AC-to-DC resistance ratio at the 𝑛𝑡ℎ harmonic frequency. Figure 5.3 
shows the spectra of inductor current, inductor winding resistance, and winding power 
loss. 
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Figure 5.3 - Spectra of the inductor current, winding resistance, and winding 
power loss. (a) Spectrum of the inductor current. (b) Spectrum of the inductor 
winding resistance. (c) Spectrum of the inductor winding power loss [ 54]. 
5.2.3 Magnetic Losses under sinusoidal waveforms 
Ferrite is a nonconductive magnetic material, thus it does not suffer from any eddy 
currents flowing inside the material and there is no ohmic loss or resistive loss inside 
a ferrite core. However, when magnetic materials such Ferrite, powdered iron or 
composite nano-crystaline cores are subject to biased magnetic field strength, then the 
magnetic losses increase with DC bias and AC flux amplitude causing a temperature 
rise in core materials which affects the performance of power electronic device and 
can potentially reduce the component life time. Therefore, the prediction of core loss 
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is extremely important and as such, a great deal of effort has been made into modelling 
core losses in magnetic components [ 140][ 141] [ 142] [ 143][ 144]. 
Typically, the equation that characterizes core losses is the power equation, known the 
Steinmetz equation [ 64] EQ 5.8 . 
 𝑃𝑉 = 𝑘𝑓
𝛼?̂?𝛽 EQ 5.8 
 
Where ?̂? is the peak induction of a sinusoidal excitation with frequency f, 𝑃𝑉 is the 
time-average power loss per unit volume, and k, α, β are material parameters, which 
are referred to as the Steinmetz parameters [ 145] and they are valid for a limited 
frequency and the flux density. 
Unfortunately, this empirical equation is only valid for sinusoidal excitation, while in 
power electronics applications, the material is mostly exposed to non-sinusoidal flux 
waveforms. Therefore, different approaches [ 140] [ 141] [ 146] have been developed 
to overcome this limitation and determine losses for triangular flux waveforms.  
5.2.4 Core Loss Measurements with non-Sinusoidal Waveforms 
under DC Bias Conditions  
Improvements of the Steinmetz equation have been made [ 140] [ 141] [ 146] in order 
to estimate losses with non-sinusoidal waveforms. In [ 146] researchers studied the 
possibility of separating the flux waveform into major and minor loops, they measured 
the core loss using a toroidal ferrite core, and calculated the loss separately for the 
major loop and for each minor loop but with loss depending on peak-to peak flux 
density instead of instantaneous flux density. Although the improved method of the 
Generalised Steinmetz Equation (iGSE) overcame some of the problems with previous 
methods, it still faced some limitations due to the difficulties of choosing Steinmetz 
parameters with the variation of frequency and harmonic content over a wide 
frequency range [ 146]. Furthermore, the iGSE predicts loss independently of the dc 
bias while for example the loss in a ferrite core is known to vary with DC bias [ 142].  
In [ 143] [ 147], calculation of the magnetic losses uses a loss map of the magnetic 
material on the basis of the dynamic minor loop, based on measurements is presented. 
Here researchers used the loss map in order to store the loss information for different 
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operating points, each described by the flux density ripple ΔB, the frequency f, the 
temperature T, and a dc bias 𝐻𝑑𝑐.  
In other studies [ 111] [ 148], methods to determine core losses were based on 
separating the total loss into loss components such as hysteresis losses, classical eddy 
current loss and excess eddy current loss. However, all of the approaches using loss 
separation also have a practical disadvantage in that they require extensive 
measurement and parameter extraction with a given material before they become 
useful. 
Research in [ 149] presented the core losses, for air-gapless cores, under DC biased 
conditions for different materials including ferrite using the Steinmetz pre-
magnetization graph (SPG). For a considered frequency range, results shows that the 
graph is independent of the frequency f with accuracy obtained ≤ ±15%. .  
Nevertheless, the above proposed calculation models were tested and validated using 
toroidal cores with the assumption of a uniform flux density, without air gaps. 
Therefore, for alternative shaped cores or cores with air gaps, an improved model is 
needed. 
Fiorillo and Novikov [ 150][ 151]  have elaborated a precise iron loss prediction 
method under distorted flux density without the use of minor hysteresis loops. 
However, their formula requires a further knowledge of the amplitude, the phase and 
the harmonic number of the flux density harmonics. Also, for high frequency 
prediction (more than 1 kHz) additional tests are likely to be required. 
In the following chapter a method of Loss separation is proposed in order to measure 
the losses of an inductor with air-gapped cores with high frequency ripple and DC bias 
using large signal rectangular voltage waveforms. AC, DC and core losses will be 
calculated and obtained separately. 
5.3 Proposed Analysis Method of Losses Separation 
The calculation of losses in magnetic components under AC ripple and DC bias 
requires extensive measurements as suitable data is rarely given on data sheets. Thus, 
in order to measure the losses of an inductor with air-gapped cores with high frequency 
ripple and DC bias using large signal rectangular voltage waveforms, a method of loss 
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separation is proposed.  AC, DC and core losses will be calculated and obtained 
separately. 
Total measured losses are obtained experimentally by applying rectangular voltage 
waveforms to the designed and manufactured inductor. The experimental test bench 
consists of a DC-DC boost converter with the Inductor Under Test (IUT) as the input 
inductor of the converter as shown in Figure 5.4. Current flowing through the inductor 
during operation of the circuit has a triangular shape. In this experimental setup, the 
DC level of the current as well as the amplitude of the AC ripple can be adjusted. 
 
Figure 5.4- A basic schematic of DC-DC converter for losses measurements. 
(For details of the Connections to XMC Chipset and part 1 schematics please 
refer to Appendix D). 
The total losses of the inductor and air-gapped core, operated with high frequency 
ripple and DC bias using large signal rectangular voltage waveforms, are separated 
into loss components which can be identified in three different categories:  
1- DC losses: Applied current is decomposed into a DC component and high 
frequency ripple by Fourier series analysis. Losses due to the average value of 
the current are called DC losses.   
2- Eddy current and proximity losses in the windings: This category includes the 
losses due to the interaction of the fringing magnetic fields with the windings 
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and skin effect in the conductor [ 152] [ 153] In this category only current 
ripple is considered. 
3- Magnetic losses: Magnetic losses emanate from the core material and depend 
on the level of the DC magnetic field intensity and also on its variation around 
this average value. 
Total losses are sum of these three components: 
  𝑃𝑡𝑜𝑡 = 𝑃𝐴𝐶 + 𝑃𝐷𝐶 + 𝑃𝑐𝑜𝑟𝑒 EQ 5.9 
With the usage of suitable instruments such as four-terminal micro-ohm meters DC 
resistance can be directly measured and subtracted from the total resistance of the 
inductor 𝑅𝑚𝑒𝑎𝑠𝑢𝑟𝑒𝑑 obtained by impedance measurement analysis, thus the AC 
resistance (AC winding losses 𝑅𝑤𝐴𝐶  associated to Eddy current and proximity losses 
in the winding and Remnant resistance 𝑅𝑟𝑒𝑚𝑛𝑎𝑛𝑡 associated to the core losses) is the 
rest of the resistance. DC loss 𝑃𝑤𝐷𝐶is found using EQ 5.11. 
Now, in order to calculate the Eddy current and proximity losses, we need to obtain 
the AC resistance 𝑅𝑤𝐴𝐶  of the windings. This resistance is obtained by impedance 
measurement analysis. The impedance of the inductor is measured by progressively 
including increasing numbers of turns of the inductor windings in the measurement 
(N: 5- 52). Remnant resistance (which is associated to the core losses) is obtained by 
extrapolating the impedance curves to N = 0, at constant(𝑁 × 𝑖). Results presented in 
the following section show that the resistance due to core losses is negligible 
comparing to winding AC resistance in small signal measurements. 
The phase current harmonics are used to compute the AC winding power loss using 
EQ 5.7. The first seven harmonics are considered (as the remaining harmonics are 
ignored due to their small values and their negligible effect on the AC winding loss). 
The power loss due to each harmonic is evaluated and then summed to find the total 
AC winding power loss. Estimation of winding AC losses are then obtained by 
applying Fourier analysis on the current waveform and using EQ 5.10: 
 𝑃𝑤𝐴𝐶 = ∑ (𝐼𝑛
2 × 𝑅𝑤𝐴𝐶_𝑛)𝑛=1  EQ 5.10 
 
Where (𝐼𝑛) is the RMS value of the n
th harmonic of the current waveform and (Racn) 
is the winding resistance at that frequency. 
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So called “DC losses” are obtained by using the average component (n = 0 in Fourier 
analysis or 𝐼𝑎𝑣𝑒) and measuring the DC resistance of the windings, as EQ 5.11: 
 𝑃𝑤𝐷𝐶 = 𝐼𝑎𝑣𝑒
2 × 𝑅𝑤𝐷𝐶 EQ 5.11 
 
Winding DC resistance is measured by using a four-terminal micro-ohm meter, the 
resulting DC resistance of the inductor under test is:  𝑅𝑤𝐷𝐶 = 30𝑚𝛺  
Total loss of the component, Ptot is obtained by measuring voltage across the inductor 
and the current following through it: 
𝑃𝑡𝑜𝑡 =
1
𝑇
∫ 𝑖𝐿 . 𝑣𝐿 . 𝑑𝑡
𝑡0+𝑇
𝑡0
 
EQ 5.12 
 
Core loss is then obtained using EQ 5.9 as all other components are measured and 
calculated. 
5.3.1 Measuring 𝑹𝒂𝒄 with Impedance Analyser 
In order to calculate AC losses 𝑃𝑤𝐴𝐶  (Eddy current and proximity losses) for the 
inductors and the core, the AC resistance 𝑅𝑤𝐴𝐶  of the windings is obtained by 
measurement with a KEYSIGHT E4990A impedance analyser. As previously 
mentioned, the impedance of the inductor is measured by progressively including an 
increasing number of turns of the inductor windings in the measurement (N: 5- 52). In 
order to fix the magnetic field H multiplied by the magnetic path 𝑙𝑚, the number of 
turns multiplied by the current has been fixed (N*I= 0.1 turn.A).). Remnant resistance 
𝑅𝑟𝑒𝑚𝑛𝑎𝑛𝑡 (which is associated to the core losses only) is the resistance at number of 
turns N equal to zero and it is obtained by extrapolating the resistance curve shown in 
Figure 5.5  to the  N = 0 point. It is proven from the curve in Figure 5.5 the resistance 
at N=0 is around 9 mΩ which is small enough to consider the core losses as negligible 
compared to winding AC resistance 𝑅𝑤𝐴𝐶 for small signal measurements. A linear 
interpolation of the data shows the relationship between the AC resistance 𝑅𝑤𝐴𝐶  , 
which is defined by EQ 5.13, and the number of turns as shown in Figure 5.5 and 
EQ 5.14. 
𝑅𝑤𝐴𝐶 = 𝑅𝑚𝑒𝑎𝑠𝑢𝑟𝑒𝑑 − 𝑅𝑤𝐷𝐶 EQ 5.13 
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Figure 5.5- The AC resistance 𝑅𝑤𝐴𝐶  of the windings vs numbers of turns of the 
windings in small signal measurements at 100 KHz.  
𝑅𝑤𝐴𝐶 = 0.0083𝑁 − 0.0068 EQ 5.14 
 
The measurements organised in Table 5.2 have been done taking the current and 
voltage limit of the impedance analyser into consideration whose parameters (the 
maximum and minimum current and voltage’s allowable level) are shown in Table 5.1. 
Thus, with the usage of EQ 5.15 it has been ensured that the voltage and the current 
level inside the impedance analyser doesn’t exceed the allowable limits. 
 𝑣 = (𝑗𝑤𝐿 + 𝑅𝐷𝐶) × 𝑖 EQ 5.15 
 
Table 5.1- The maximum and minimum current and voltage’s allowable level of 
the impedance analyser 
𝑖𝑚𝑖𝑛 = 200μ𝐴                       
𝑖𝑚𝑎𝑥 = 20𝑚𝐴             
𝑣𝑚𝑖𝑛 =  5 𝑚𝑉                  
𝑣𝑚𝑎𝑥 = 500 𝑚𝑉             
f= 1MHz 
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Table 5.2- Measurements in order to find 𝑅𝑤𝐴𝐶(at 100 kHz) vs N (number of 
turns) 
N L 
(µH) 
R_dc(Ω)  R_measured 
(Ω)-at 100 kHz 
i(A) v (volts) N*i 
5 1.00 3.071E-03 4.30E-02 2.00000E-02 1.26E-01 0.1 
15 4.20 9.213E-03 1.29E-01 6.66666E-03 1.76E-01 0.1 
20 3.89 1.228E-02 1.52E-01 5.00000E-03 1.22E-01 0.1 
25 6.07 1.535E-02 1.95E-01 4.00000E-03 1.53E-01 0.1 
35 1.19 2.150E-02 3.00E-01 2.86000E-03 2.14E-01 0.1 
40 1.55 2.457E-02 3.70E-01 2.50000E-03 2.44E-01 0.1 
52 2.63 3.194E-02 4.50E-01 2.00000E-03 3.30E-01 0.1 
 
Thus, it has been proven from EQ 5.14 and Figure 5.5 that the AC resistance measured 
by the impedance analyser with small signal is only AC resistance in the winding and 
the core is neglected at this condition (operating at such a low ampere turn level of 0.1 
that is difficult to conclude anything for core losses), as 𝑅𝑤𝐴𝐶 goes to zero when 
number of turn is zero. 
5.4 Experimental Set up Describing the DC-DC Convertor 
By using a DC-DC converter and the test bench set shown in Figure 5.6 the magnetic 
losses are measured using the same rectangular voltage waveforms seen in power 
converter instead of the more typical low voltage sinusoids used in impedance 
analysers and as such, a more realistic set of measurements can be made. The inductor, 
constructed with an N95 ferrite core has been added to the converter circuit. A block 
diagram of the experiment is shown in Figure 5.8, in which the inductor is connected 
in series with a small shunt resistor [ 154], (0.1 Ω) in order to measure the current 
through the inductor. This circuit also allows the inductor terminal voltage to be 
measured with a secondary winding of six turns has been used to measure the flux 
density in one part of the core, as shown in Figure 5.7. The voltage and peak to peak 
flux density were observed by using an oscilloscope. 
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Figure 5.6- The test bench for losses measurements. 1- High voltage supply to 
charge the input capacitors, 2-power supply for the converter circuit board, 3 -
input capacitors, 4-Tested inductors with N95 ferrite core, 5-the converter with 
the control circuit board, 6-variable load, 7-Osciloscope. 
 
Figure 5.7- The design and fabricated inductor with the core material used in 
the losses measurements 1- the secondary winding N=6 in one leg of the core. 
2- The inductor winding.  
133 
 
 
Figure 5.8- A block diagram of the experiment:1- High voltage supply to 
charge the input capacitors, 2-power supply for the converter circuit board, 3-
input capacitors, 4-Tested inductors with N95 ferrite core, 5-the converter with 
the control circuit board, 6-variable load, 7-Osciloscope 
Measurement sets have been done for fixed levels of ripple and different values of DC 
current and each set has been repeated for different frequencies [50-250 kHz] and 
different peak to peak flux densities [12-41 mT]. 
A basic schematic of DC-DC converter is shown in Figure 5.4. The converter is fed 
from a DC supply Vs. First, the IGBT is off and input capacitors Cin (with 15 mF 
capacitance each capacitors) are charged. The switch S2 is responsible for connecting 
and charging the capacitors from the power supply, while switch S1 is responsible for 
disconnecting the capacitors from the power supply and switch off the relay. Once the 
capacitors Cin are charged switch S4 will switch off the relay and disconnect the DC 
supply Vs from the system. At the same moment switch S4 will turn the timer on and 
after 1.8 ms the IGBT will be turned on for 3.5 ms and a square wave signal will be 
applied to the inductor using the PWM output stage. Within this time there is a 
possibility to change the duty cycle of the PWM stage, if this is needed, as the Micro-
controller XMC1300 (For details refer to Figure 7.15 and Figure 7.16 Appendix D) 
provides the PWM with variable duty cycle. The PWM will send a rectangular signal 
(-4v till +15v) for each gate of the four SiC MOSFET [ 155]. The rise and fall times 
in the inductor current waveform should be considered by changing the duty cycle as 
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needed. During this short period the voltage drop across the shunt resistor R-shunt, 
which has the same current of the inductor, can be measured and i(t) determined. Also 
the voltage on both inductor and secondary winding is captured. After this the IGBT 
will be turned off. For each different measurement this procedure must be repeated as 
the capacitors will discharge automatically.  
The measurement sequence is short, as the full time range of the output signal is 
around 3500 µs with a delay of 1.35 ms and sampling frequency 1GHz while, the 
waveform have been obtained within a time scale around 75 µs as shown in Figure 5.9. 
 
Figure 5.9- (a)-Graph to show both voltage and current of the inductor during 
test showing the full test time period. (b)-Graph to show a zoomed version of 
the voltage and current for the inductor during test.  
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5.4.1 Precision of the Measurements 
This section will discuss the precision of the measurements made together with the 
individual sources of error in the system.  
5.4.1.1 Shunt Resistor 
A 100 W Thick Film Power Resistor (100 mΩ ±5%) [ 154], specifically designed for 
high frequency usage was used in the DC-DC convertor circuit as a shunt resistor in 
order to measure the inductor current.  
The high frequency equivalent circuit of the resistor has been measured with the 
impedance analyser KEYSIGHT E4990A, and the series resistance and inductance of 
the measured impedance are shown in Figure 5.10 
 
Figure 5.10- Shunt measurement resistor's equivalent impedance Z and Phase 
vs frequency. 
One observation of the measurement results of the shunt resistor impedance is that the 
influence of frequency remains insignificant up to almost 500 kHz, with error less than 
5%, note that the error is <1% for the frequency range used 50 kHz -250kHz, then the 
shunt impedance increases linearly with frequency, at 1 MHz, the shunt resistance 
error is around 20%, as shown in Figure 5.10. 
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5.4.1.2 Digital Quantisation Error 
The digital quantisation error can become a significant part of any high precision 
measurement activity. This section will address the quantisation error (8 bit) when 
looking at the specific application challenges.  
Figure 5.11 shows the current and voltage of the inductor at 50% duty cycle, 100 kHz, 
49 A and 41 mT. 
 
Figure 5.11- The current and voltage waves of the inductor at 50% duty cycle,  
100 kHz, 49 A and 41 mT. 
The total loss is found from Figure 5.11 with the usage of EQ 5.16. 
𝑃 = 
1
𝑇
 ( 𝑣+ (
𝑖𝑚𝑎𝑥 + 𝑖𝑚𝑖𝑛
2
) × (𝑡1 − 𝑡0) + ( 𝑣
− (
𝑖𝑚𝑎𝑥 + 𝑖𝑚𝑖𝑛
2
) × (𝑡2 − 𝑡1) 
EQ 5.16 
 
Where, P is the total losses, 𝑣+  𝑣−  are the maximum and minimum inductor 
voltage, 𝑖𝑚𝑎𝑥&𝑖𝑚𝑖𝑛 are the maximum and minimum inductor currents and T is the 
time period. 
Considering a duty cycle D=50%, (𝑡1 − 𝑡0) =  (𝑡2 − 𝑡1) =
𝑇
2
 . Thus: 
𝑃 = 
1
4
 ( 𝑣+ + 𝑣−)(𝑖𝑚𝑎𝑥 + 𝑖𝑚𝑖𝑛) 
EQ 5.17 
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Considering that the current of the inductor i : 𝑖 =
𝑣𝑠ℎ
𝑅𝑠ℎ
 : 𝑅𝑠ℎ is shunt resistance  
Thus the total losses is  
𝑃 = 
1
4
 ( 𝑣+ + 𝑣−)(𝑣𝑠ℎ−𝑚𝑎𝑥 + 𝑣𝑠ℎ−𝑚𝑖𝑛) ×
1
𝑅𝑠ℎ
 
EQ 5.18 
 
The precision of the measurement due to the digital quantisation error in the reading 
of the total losses 
∆𝑃
𝑃
 can be indicated by following: 
∆𝑃 =  
1
4
 [(𝑣𝑠ℎ−𝑚𝑎𝑥 + 𝑣𝑠ℎ−𝑚𝑖𝑛) ×
1
𝑅𝑠ℎ
 ×  ∆𝑣 + ( 𝑣+ + 𝑣−) ×
1
𝑅𝑠ℎ
 ×  ∆𝑣𝑠ℎ
+ ( 𝑣+ + 𝑣−)(𝑣𝑠ℎ−𝑚𝑎𝑥 + 𝑣𝑠ℎ−𝑚𝑖𝑛)  ×
∆𝑅
𝑅𝑠ℎ
2 ] 
Thus, 
∆𝑃
𝑃
=
∆𝑣
( 𝑣+ + 𝑣−)
+ 
∆𝑣𝑠ℎ
(𝑣𝑠ℎ−𝑚𝑎𝑥 + 𝑣𝑠ℎ−𝑚𝑖𝑛)
+
∆𝑅𝑠ℎ
𝑅𝑠ℎ
 
 
EQ 5.19 
 
Where:  
∆𝑃 is the absolute error of the total losses. 
∆𝑣 = 0.804 𝑉 is the inductor voltage corresponding to the minimum digital level. 
∆𝑣𝑠ℎ = 0.008 𝑉  is the voltage drop in the shunt resistor corresponding to the 
minimum digital level. 
∆𝑅𝑠ℎ = ±5% is the shunt resistance error for the frequency range used. 
Giving an example for the waveforms seen in Figure 5.11 from the measurements:  
𝑅𝑠ℎ =0.1Ω, ∆𝑅𝑠ℎ = 0.001 at 1%, ∆𝑣=0.804, ∆𝑣𝑠ℎ=0.008, 𝑣𝑠ℎ−𝑚𝑎𝑥 =
5.7 𝑣𝑜𝑙𝑡, 𝑣𝑠ℎ−𝑚𝑖𝑛 = 4.0 𝑣𝑜𝑙𝑡, 𝑣
+ =  74.95 𝑣𝑜𝑙𝑡, 𝑣− =  − 64.95 𝑣𝑜𝑙𝑡. 
Using EQ 5.19 
 
∆𝑃
𝑃
=
0.804
10
+ 
0.008
9.7
+
0.001
0.1
= 0.081 + 0.0008 + 0.01 ≅ 0.09   
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Where the error in the inductor voltage is (0.081) around 8% and the error in the 
inductor current is ( 0.0008 + 0.01) around 1.08%. 
Thus, the precision of the measurement due to the digital quantisation error is around 
9 % including an 8% error in the inductor voltage and a 1% the error in the inductor 
current. 
5.4.1.3 Probe Calibration 
The current and voltage waveforms of the inductor have been obtained with the use of 
InfiniiVision MSO-X-2024A Oscilloscopes which has an analogue bandwidth of 
200 MHz. In order to ensure a precise reading the waveform shape must of a high 
quality. Thus, the 10X probes used have been calibrated using a high quality square 
wave signal source which contains a frequency content from several hundred Hz to 
several kHz and amplitude from below 1 volt to several volts. 
The steps listed below have been followed to complete the calibration: 
1. The probe is connected to signal source, the ground clip to the ground, and 
the probe tip to the signal output. 
2. Adjust the trimming cap on the probe handle is adjusted until a straight-
edged square wave is obtained, as shown in Figure 5.12 (middle picture). 
 
Figure 5.12- Steps for probe calibration.  
When a signal passes through a circuit some frequency components incur a loss (or 
gain) more than others and as a result, we will see its shape distorted at the output. It 
is therefore important that the calibrated waveform shape must be good. It should have 
nice and sharp right angles at its corners. 
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5.4.1.4 Temperature 
The current has been applied through the inductor during a very short time period 
(milliseconds) and as such, the temperature of the inductor could be considered to be 
fixed for the duration of the test. 
5.5 Experimental Results 
Measurement sets have been done for fixed levels of AC ripple and different values 
of DC current in order to fully characterise the inductor using realistic power converter 
waveforms. The AC ripple has been set by fixing the peak to peak flux density ΔB and 
this is done by adjusting both supply voltage and the resistive load. Each set has been 
repeated for different frequencies [50 – 250 kHz] and different peak to peak flux 
densities [12 - 41 mT], thus different AC ripple magnitudes. 
5.5.1 MATLAB acquisition program 
Software has been developed within MATLAB in order to acquire the measured data 
and to save it in a data file, which can be used for further analysis. The waveforms are 
acquired by this program via a USB connection. The inductor’s current and voltage, 
the voltage on the secondary winding and ΔB curve are plotted immediately on the 
screen. The total losses and core losses are then calculated for each measurement at 
different DC bias values. Figure 5.13 shows the inductor’s current and voltage 
waveform, at 150 kHz, 40A. 
 
Figure 5.13- Inductor’s current and voltage waveform as measured for N95 
ferrite core under rectangular waveforms. At 150 kHz, 12 mT and40A mean. 
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5.5.2 Harmonic Spectrum 
The harmonics of the signal 𝐼(𝑡)were composed in Fourier series as in EQ 5.20  
 𝐼(𝑡) = ∑ [𝑎𝑚 × cos (
2𝑚𝜋
𝑇
× 𝑡) + 𝑏𝑚 × sin (
2𝑚𝜋
𝑇
× 𝑡)]𝑚 + 𝑎0 
EQ 5.20 
 
 T is the period (s). 
 𝑡 is the time (s). 
 𝑎𝑚 & 𝑏𝑚 are the Fourier series coefficients. 
 𝑎0 is the DC value of the signal (A) 
The Fourier series coefficient can be obtained from EQ 5.21and EQ 5.22 in order to 
find the magnitude of each harmonics at different orders from EQ 5.23. 
 𝑎𝑚 =
2
𝑁𝑇
∫ cos(
2𝑚𝜋𝑡
𝑇
)
𝑁𝑇
0
. EQ 5.21 
 
 𝑏𝑚 =
2
𝑁𝑇
∫ sin(
2𝑚𝜋𝑡
𝑇
)
𝑁𝑇
0
. EQ 5.22 
 
 𝐼𝑚 = √𝑎𝑚2  + 𝑏𝑚2  EQ 5.23 
 
where: 
𝐼𝑚 is the magnitude of harmonics at order m (A). 
Figure 5.14 shows both the measured signal and recomposed Fourier series of the 
current with good agreement between them up to m =20. 
 
Figure 5.14- The measured signal and the Fourier series of the current (at 100 
kHz, 26A and 12mT) 
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The magnitude of harmonics at orders m= [1-7] (at 100 kHz, 26A and 12mT) are 
organised in Table 5.3.  
Table 5.3- The magnitude of harmonics at order m.  
m 1 2 3 4 5 6 7 
𝐼𝑚(A) 1.9395 0.0706 0.1843 0.0365 0.0547 0.0218 0.0225 
 
5.5.3 Measurements Results 
In this section, measurement results are presented and a new approach is introduced 
to describe core loss calculation under DC bias conditions and it can be seen that the 
core losses change for different frequencies. This approach is based on a graph that 
shows equations obtained by curve fitting which defines the relationship between the 
core losses and the DC bias. This is done on the core material ferrite N95 from EPCOS 
[ 156] with ten distributed air gaps with a total air gap length of 18 mm.  
5.5.3.1 Core Losses under DC Bias Conditions 
In order to measure the flux density in the core, a secondary winding with 6 turns was 
added on one leg of the core as shown in Figure 5.7. Maxwell simulation was used to 
obtain the flux density in the core. Figure 5.15 shows non-homogeneity of the flux 
density at different points of the core, thus an average flux density is assumed to be 
fixed for each test of the core at each current value.  
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 Figure 5.15- Flux density in the core at I=20 and 60 A.  
The flux density has been calculated by measuring the voltage drop on the secondary 
winding 𝑣2 and using EQ 5.24. 
𝐵 =
1
𝑁 × 𝐴𝑐
∫𝑣2. 𝑑𝑡 
EQ 5.24 
 
Where N is number of turns in the secondary winding N=6, 𝐴𝑐 is the cross section of 
the core 𝑚2 and 𝑣2is the voltage drop on the secondary winding. 
Losses from different sources at 150 kHz with a peak-to-peak flux density ΔB=12 mT 
and for different DC bias values are found as shown in In Figure 5.16, and Table 5.4 .  
Winding losses (DC and AC) were calculated depending on the formulas EQ 5.1 to 
EQ 5.7, while the total losses where measured and computed using EQ 5.12. The core 
loss is calculated using EQ 5.9.  
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Figure 5.16- Separated losses from different sources vs DC bias current.  
Figure 5.16 shows how both DC losses and core losses increase as the DC bias 
increases while AC winding losses are nearly constant. This is due to the fact that the 
value of AC ripple injected into the inductor during the tests is constant.  
Table 5.4- Separated losses from different sources vs dc bias current at 150 
kHz, B=12mT.  
I(A) 𝑃𝑡𝑜𝑡(W) 𝑃𝑑𝑐 (W) 𝑃𝑎𝑐(W) 𝑃𝑐𝑜𝑟𝑒(W) 
7 14.5 1.3 1.49 11.7 
10 17.5 2.7 1.50 13.3 
14 23.2 5.5 1.50 16.2 
18 29.1 9.3 1.58 18.3 
21 34.9 12.9 1.61 20.4 
25 43.8 18.5 1.63 23.7 
31 60.3 28.8 1.60 29.9 
36 75.9 39.7 1.59 34.6 
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In order to identify the dependency of the AC winding loss on the frequency, the AC 
losses were plotted against frequency for two values of peak-to-peak flux density ΔB 
(12 & 22 mT ) and the curves were  fitted as shown in Figure 5.17 and  EQ 5.25. 
 
Figure 5.17- The AC winding loss under different ripple values as a function of 
frequency for two values of peak-to-peak flux density ΔB 12 & 22  mT. 
𝑃𝐴𝐶 =  𝑎𝑓 ± 𝑏 EQ 5.25 
It is clear from the results above that the AC winding loss shows a linear relationship 
with frequency.  
In order to analyse the core loss and find its dependency on both flux density and 
frequency, first the core losses with different DC bias values are plotted as a function 
of the peak-to-peak flux density ΔB, as shown in Figure 5.18.  
The first harmonic of the current ripple is fixed at 𝐼𝑛=1 ≈ 1.7 𝐴𝑟𝑚𝑠 and the blue curve 
is the total measured losses in the inductor at 150 kHz, as shown in Figure 5.16, where 
it can be seen that the core loss increases as the average current is increased to higher 
values. Again, the 1st harmonic of the current is kept constant for all measurements, 
the increase in the core loss can then be related to two factors: a) increasing the 
harmonic contents of the current and b) behaviour of the material for minor high 
frequency hysteresis loops [ 144].  
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The obtained core losses as a function of DC bias values are plotted for different  peak-
to-peak flux density ΔB for a fixed frequency of 100 kHz and a curve fitted as shown 
in Figure 5.18.  
 
Figure 5.18- The core losses under different DC bias values as a function of 
the peak-to-peak flux density ΔB Where: f=100 kHz. 
The equations defining the relationship between the core loss and the DC bias were 
obtained by curve fitting the measurments results and used to find the core losses 
against peak-to-peak flux density ΔB for different values of DC bias at 100 kHz. 
EQ 5.26 obtained from the curve fitting shown in Figure 5.19 was analysed and the 
constants 𝛼1 and 𝛼2were found and these are organised in Table 5.5 and Figure 5.20 
𝑃𝑐𝑜𝑟𝑒 = 𝛼1∆𝐵
2 ± 𝛼2∆𝐵 EQ 5.26 
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Figure 5.19- The core losses against peak-to-peak flux density ΔB for different 
values of DC bias at 100 kHz. 
Table 5.5- Constants 𝛼1 and 𝛼2 for different DC bias 
I_dc (A) 𝛼1(W, mT) 𝛼2(W, mT) 
5 0.0257 0.131 
20 0.0197 0.3439 
30 0.0144 0.7236 
40 0.0084 1.1422 
50 0.0014 1.6128 
 
The constants 𝛼1 and 𝛼2 were plotted against the DC bias and curve fitting defined a 
second order relationship between the constants and the current, as shown in 
Figure 5.20 and from EQ 5.27 & EQ 5.28.  
𝛼1 = −5E − 06𝐼𝑑𝑐
2 − 0.0003𝐼𝑑𝑐 +  0.0273    EQ 5.27 
 
𝛼2 = 0.0005𝐼𝑑𝑐
2 −0.0054𝐼𝑑𝑐 + 0.0763 EQ 5.28 
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Figure 5.20- The constants 𝛼1 and 𝛼2 vs the DC bias, at 100 kHz. 
Thus the core losses are   
𝑃𝑐𝑜𝑟𝑒 = 𝛼1(𝐼𝐷𝐶)∆𝐵
2 ± 𝛼2(𝐼𝐷𝐶)∆𝐵    EQ 5.29 
 
The core loss is a function of both DC bias and peak to peak flux density 
𝑃𝑐𝑜𝑟𝑒(𝐼𝐷𝐶 , ∆𝐵
2). 
5.5.3.2 Core losses Dependency on the Frequency 
In order to outline the dependency of the core losses on the frequency, first, core losses 
under different DC bias values are plotted as a function of frequency for a fixed peak-
to-peak flux density ΔB of 12 mT and curves are fitted as shown in Figure 5.21.  
 
148 
 
 
Figure 5.21- The core losses under different DC bias values as a function of 
frequency for fixed peak-to-peak flux density ΔB of 12  mT. 
The equations defining the relationship between the core losses and the DC bias were 
obtained from the measurements and used in order to find the core losses against 
frequency for different values of DC bias at ΔB =12 mT. EQ 5.30 has been obtained 
from the curve fitting as it is shown in Figure 5.21. These were analysed and the 
constants 𝛽1 and 𝛽2were found and organised in Table 5.6 and Figure 5.22. 
𝑃𝑐𝑜𝑟𝑒 = 𝛽1𝑓
2 ± 𝛽2𝑓 EQ 5.30 
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Figure 5.22- The core losses against frequency for different values of DC bias 
at ΔB=12 mT. 
Table 5.6- Constants 𝛽1 and 𝛽2 for different DC bias level.  
I_dc (A) 𝛽1(W, kHz) 𝛽2(W, kHz) 
10 0.0005 0.0107 
20 0.0006 0.0.0395 
30 0.0006 0.0781 
40 0.0007 0.1259 
50 0.0007 0.1823 
 
The constants 𝛽1 and 𝛽2 were plotted against the DC bias and curve fitting defined a 
second order relationship between the constants and the current, as it shown in 
Figure 5.23 and from EQ 5.31 & EQ 5.32.  
𝛽1 = 5E − 06𝐼𝑑𝑐 +  0.0005    EQ 5.31 
 
 
𝛽2 =  5E − 05𝐼𝑑𝑐
2 +0.00154𝐼𝑑𝑐 − 0.0092 EQ 5.32 
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Figure 5.23- The constants 𝛼1 and 𝛼2 vs the dc bias, at 100 kHz. 
Finding the core loss as a function of both DC bias and frequency 𝑃𝑐𝑜𝑟𝑒(𝐼𝐷𝐶 , 𝑓) as in 
EQ 5.33 
𝑃𝑐𝑜𝑟𝑒 = 𝛽1(𝐼𝐷𝐶)𝑓
2 ± 𝛽2(𝐼𝐷𝐶)𝑓    EQ 5.33 
 
As a result, a formula to calculate the losses in the air gapped core has been obtained 
and it is a function of the DC current, AC current presented by the AC component of 
the flux density and the frequency.   
A comparison between the value of core losses taken from the data sheet for N95 
ferrite and EQ 5.29 at 100 kHz and 𝐼𝐷𝐶=0 is shown in Table 5.7, while a comparison 
between the value of core losses taken from the data sheet for N95 ferrite and EQ 5.33 
at B=12 mT and 𝐼𝐷𝐶=0 is shown in Table 5.8. 
Table 5.7- A comparison between the value of core losses taken from data sheet 
for N95 ferrite and measurements. For a different flux density values at 
100 kHz. 
100 kHz, 𝐼𝐷𝐶=0,  𝛼1 = 0.0273,  𝛼2 = 0.0763 
∆𝐵 (mT) 𝑃𝑐𝑜𝑟𝑒 (kW /m3)- From EQ 
5.29 
𝑃𝑐𝑜𝑟𝑒 (kW/m3)- from data 
sheet for N95 ferrite 
25 1721 3.5 
32 2758 5.06 
41 4448 10 
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Table 5.8- A comparison between the value of core losses taken from data sheet 
for N95 ferrite and measurements, for a different frequency values at 12mT.  
12mT, 𝐼𝐷𝐶=0,  𝛽1 = 0.0004, 𝛽2 = − 0.0092 
𝑓 (𝑘𝐻𝑧) 𝑃𝑐𝑜𝑟𝑒 (kW /m3)- From EQ 5.29 𝑃𝑐𝑜𝑟𝑒 (kW/m3)- from 
data sheet for N95 
ferrite 
50 49 Not found 
100 279 Not found 
150 691 Not found 
200 1284 Not found 
 
It is clear from the results above that the data sheet reference for finding the core losses 
is not valid for all measurement conditions. This is possibly because the data sheet 
reference core loss curves were found by using a toroidal core with no airgap and 
excited with a sinusoidal flux waveforms. Also, the effect of the non-homogeneity of 
the flux density at different points of the core on the results, as shown in Figure 5.15. 
Thus, in the case of an inductor with gapped core and different geometry there is a 
necessity of proposing a new method for finding the core losses considering the flux 
fringing effect, and this has been proposed and discussed previously.  A formula to 
calculate the losses in the air gapped core has been obtained and it is a function of the 
DC current, AC current presented by the AC component of the flux density and the 
frequency.  
5.5.4 A Comparison with a Commercial Inductors 
The same commercial inductor (high current, helical inductor-30uH-180A) was used 
in order to compare it with the designed inductor from a size, weight and thermal point 
of view and to determine, performance at high frequencies and its losses.  In this 
section the comparison of the total losses, between the designed inductor and the 
commercial inductor are presented. A comparison of energy density and size 
implications of the use of the standard inductor is discussed in Chapter 3 
The loss measurements have been performed using the same test bench explained 
previously. At a frequency of 200 kHz the total loss has been found for two AC ripple 
152 
 
values 3 A & 5 A. Neither the flux density nor the core losses have been obtained 
neither as the structure of the inductor prevented the necessary measurements so the 
comparison between both inductors is with respect to the total loss. The sum of AC 
winding loss and the core loss were found by subtracting the DC loss from the total 
losses. Results are organised in Table 5.9. 
Table 5.9- Losses measurements for a high current helical inductor-30uH-180A 
at f=100 kHz,  
 
Loss measurements for a high current helical inductor-30uH-180A, 
f=100 kHz,  
𝑅𝑤𝐷𝐶 = 1.5 𝑚 𝛺 
𝐴𝐶 𝑅𝑖𝑝𝑝𝑙𝑒 (𝐴) 𝐼𝐷𝐶 (A) 𝑃𝑇𝑂𝑇𝐴𝐿 (W) 𝑃𝑤𝐴𝐶 + 𝑃𝑐𝑜𝑟𝑒 
(W) 
3 19 15.3 14.8 
35 34.0 32.1 
46 57.7 54.6 
5 28 36.4 35.2 
46 59.8 56.6 
60 66.9 61.5 
 
Figure 5.24 shows a comparison between the winding AC and core losses for both 
inductors at 200 kHz, 40 A DC, and AC ripple 3A & 5A. It is apparent that the 
designed inductor suffers from higher winding AC and core losses. This is mainly due 
to higher proximity and eddy current effects because of the distributed air gaps, while 
the commercial inductor has an aluminium metal enclosure with a powdered core 
including one small air gap of nearly 2 mm.  
Furthermore, the inductor winding is smaller and shorter comparing to the designed 
inductor in this study; RDC−designed = 30 m Ω  whereas, RDC−commercial = 1.5 m Ω. 
This will lead to a much smaller DC loss in the commercial inductor than in the 
designed inductor.  This is to be expected due to the physical size differences seen 
with the two inductor types. Also note that the commercial inductor is rated at 180A 
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rather than the nominal 80A of the designed inductor. A significantly lower resistance 
for the commercial inductor is thus to be expected. 
 
Figure 5.24- Winding AC and core losses from measurements at 200kHz- the 
designed Inductor vs Commercial inductor  
5.6 Conclusion 
This chapter has presented a method to evaluate and determine the distribution and 
source of losses in high energy density inductors. Fourier analysis of the current 
waveform, combined with impedance measurement and direct electrical loss 
measurement on the component, has been applied in order to decompose the losses 
into its different sources. The total losses have been measured by applying a 
rectangular voltage waveform to the inductor when used as the input of a DC-DC 
converter in order to apply a realistic flux duty to the magnetic material. The loss 
measurements have been repeated for different values of ripple current and frequency 
in order to complete the description of the overall loss as a function of the average 
current and the AC ripple. The total loss of the magnetic components has been found 
including DC winding loss, AC winding loss and core loss. A formula to calculate the 
losses in the air gapped as a function of the DC current, AC current presented by the 
AC component of the flux density and the frequency has been obtained. 
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6 Chapter 6- Conclusion and Further work 
The main goal of this research was to improve the design of the inductor in order to 
achieve higher energy densities, specifically by utilising higher current densities in the 
winding, coupled with the ability to limit the temperature increase of the inductor 
through the usage of an effective cooling system. Studies have included the influence 
of the operating dc current, current ripple, airgap location and operating frequency on 
the inductor design and its resulting characteristics 
6.1 Main contributions 
The main contributions of this thesis are as follows: 
 Improved design of high energy density inductor with a volume of 25.05 ×
𝑚𝑚3 and a weight of 0.0935 kg, by applying high current densities, comparing 
to existing commercial inductors with a volume of 207.4 × 103 𝑚𝑚3 and a 
weight of 0.5 kg. A current density of 46 A/mm2 was shown to be sustainable 
yielding an energy storage density of 0.53 J/ kg. This is 5 times more than the 
energy storage density found in the commercial inductor (this comparison has 
not included the cooling system for the commercial inductor, while it has 
included the DBC and the cooling layer of the designed inductor excluding the 
pumps and the pipes. 
 Evaluation of the use of a ferrite core with distributed air gap for high 
frequency and high current applications overcoming saturation and leakage 
effects associated with a single, lumped air-gap. 
 A Novel lumped model in order to find the equivalent electric circuit of the 
winding for fast determination of the resonance frequency of the inductor is 
proposed. 
 An inductor design methodology where the losses are calculated and a thermal 
heating is applied for minimum volume. 
 Calculation and experimental determination of total loss of the magnetic 
components including DC winding loss, AC winding loss and obtaining a 
formula to calculate the losses in the air gapped core as a function of the DC 
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and AC current presented by the AC component of the flux density and the 
frequency. 
6.2 Summary of the Chapters 
In Chapter 2, the design of the inductor was improved for minimum volume and 
desired inductance L. With the aim of preventing saturation of the magnetic material 
at high current, a distributed air gap was introduced and improved to achieve the 
desired inductance in the available volume when operated at high current. Ferrite N95 
was used as a core material. The saturation effect has been examined with the usage 
of Maxwell16.0 3D software (Magneto-static solver) and validated experimentally. 
The results have successfully avoided the saturation of the core at high current of 80 A 
by distributing the air gaps along the core. 
In Chapter 3, the work has covered the thermal investigation of the cored inductors 
with its improved design for minimum volume. The inductor geometric model has 
been exported into ANSYS R15.0 where it has been analysed thermo-electrically 
under the effect of high current DC. The thermal management method has been 
validated experimentally by obtaining the temperature of the inductor when applying 
a high current across it, demonstrating that a high-current energy-dense inductor can 
be achieved by utilising a high current density in the winding coupled with the usage 
of an effective cooling system. It has been found that increasing the current up to 70 A, 
a current density of around 46A/mm2 will increase the temperature of the inductor 
from the ambient temperature by 40 °C. A comparison between the temperature of a 
commercial inductor and the designed inductor from energy density perspective has 
shown that the proposed designed inductor with its light weight and smaller volume is 
more suitable for the purpose of the integration than bulky commercial inductor. 
In Chapter 4 electrical characterisation of the magnetic components (the designed 
inductor and magnetic core) has been performed and an equivalent electric circuit of 
the inductor proposed and solved in LTSPICE in order to predict the resonance 
frequency and parasitic capacitance of the inductor at high frequencies. The proposed 
method has been validated experimentally using the Impedance Analyser KEYSIGHT 
E4990A by means of impedance measurements between the input and output of the 
inductor. Results showed good agreement between simulation and measurements. 
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Thus, the proposed equivalent circuits is considered to be valid. The inductor with the 
core material on the DBC has shown a resonance frequency of 4 MHz. 
A comparison between the designed inductor and a commercial, off-the-shelf inductor 
with similar magnetic aspect has shown a similar performance for both inductors at 
high frequency. The commercial and designed inductors have a cut-off frequency of 
14 and 17 kHz respectively when used in a LC filter. However, the designed inductor 
with its light weight and smaller volume is more suitable for the purpose of the 
integration than the bulky commercial inductor. 
Chapter 5 presented a method to evaluate and determine the distribution and source of 
losses in high energy density inductors. Fourier analysis of the current waveform, 
combined with impedance measurement and direct electrical loss measurement on the 
component, has been applied in order to decompose the losses into their different 
sources. The total losses have been measured by using the inductor as the input of a 
DC-DC converter in order to apply a realistic flux waveform to the magnetic material. 
The losses have been measured for different values of ripple current and frequency in 
order to complete the description of the overall loss as a function of the average current 
and the AC ripple. A formula to calculate the losses in the air gapped core has been 
obtained as a function of the DC current, ripple current presented by the AC 
component of the flux density and the frequency. 
6.3  Further Work 
6.3.1 Improving the Contact Area between the Winding and the DBC 
The assembly process used to create the inductor and mount it to the DBC was difficult 
to control, resulting in significant voiding in the mount-down solder layer and an 
increased thermal resistance. Investigation of alternative fabrication techniques is 
recommended in order to overcome these deficiencies.  
6.3.2 Losses Measurements on a Toroidal N95 Core 
It would be desired to carry out further work to investigate the accuracy of the 
formulae for the core losses obtained by the method proposed in Chapter 6. 
Measurements on toroidal N95 cores would be appropriate, facilitating direct 
comparison with the values in the datasheet of N95 ferrite material. As the magnetic 
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core losses determined in this study show relatively large values, it would be also 
interesting to employ the same methods to investigate different magnetic core material 
with less magnetic loss at high frequencies. 
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7 Appendices.  
7.1 Appendix A 
 
Figure 7.1- Application considerations-Ferrite Advantages and Disadvantages 
[ 68]. 
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Figure 7.2-Properties of soft magnetic materials [ 68]. 
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Figure 7.3- Winding and core’s dimension.  
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Figure 7.4- The flow of the current through the inductor in the corner are a of 
the copper winding.  
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Figure 7.5- A high current helical inductor-30uH-180A. 
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7.2 Appendix B 
Table 7.1 – Typical heat transfer coefficients for a number of commonly used 
power module cooling techniques [ 94] 
 
Table 7.2-properties of water at 25°C. 
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Table 7.3 – Materials, thicknesses, thermal conductivities and thermal 
resistances of the proposed package.  
Layer name Material Thickness (mm) 
Thermal 
Conductivity  
(W/mK)at 26°C 
Inductor Cu (1-14) 400 
Solder Sn-3.5Ag 0.1-0.2 33 
DBC Copper Cu 0.2 400 
Aluminium 
Nitride 
AlN 1 170 
DBC Copper Cu 0.2 393 
 
Table 7.4- Temperature vs current for one side cooling method 
One side cooling-no core 
Ta=24.9 °C,   water flow rate=0.0132 𝑘𝑔. 𝑠−1 or 𝐿𝑠−1 
I 
(A) 
inductor 
 T(°C)-Max 
water 
T-inlet(°C) 
water 
T-outlet(°C) 
Δt 
(T-outlet )- (T-inlet) 
20 28.85 25.30 26.51 1.21 
30 32.69 25.40 25.88 0.48 
40 38.33 25.42 26.22 0.80 
50 45.92 25.40 26.59 1.20 
60 55.89 25.47 27.26 1.79 
70 68.65 25.48 28.04 2.56 
80 84.8 25.61 28.93 3.32 
 
 
 
 
 
165 
 
Figure 7.6 shows the transient for the outlet temperature of the water till the stability 
value at 60A. 
 
Figure 7.6-Outlet temperature of the water  vs Time –at 60A. 
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Figure 7.7-PT100 Resistance Table, Temperature vs Resistance.  
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Figure 7.8 shows a comparison between the temperature of the commercial inductor 
at currents 80, 100 and 120 A. The temperature has been captured after 15 minutes, 
the rise in temperature at higher current is noticeable but small with an increasing from 
the ambient temperature around 30 °C at 80 A,  41 °C at 100 A and 50 °C at 120A.  
 
Figure 7.8- A comparison between the temperature of the commercial inductor 
at currents (a)-80 A, (b)-100 A and (c)-120 A. 
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Abstract 
This paper presents an investigation into the integration of high current density inductors into 
a double side cooled sandwich power module package from the perspective of thermal 
management of the integrated inductors. The advantage of using this integration method with 
regards to using the converter thermal management system will be discussed in order to create 
a high speed optimised commutation circuit. The main aim is to allow the use of a high current 
density and hence obtain a high power density and high energy storage.  
Introduction 
Most of the recent studies [1] [2] into power electronic integrated systems have focused their 
attention on improving their performance in order to achieve higher power densities, reduced 
cost and size, increased efficiency and reliability. Passive components, mainly inductors, 
transformers and capacitors, are often the largest and most expensive components in a power 
electronic circuit. Furthermore, inductors are often responsible for the much of the power loss 
and volume of the converter [3]. However, there are significant limitations with present 
technology and significant challenges still need to be faced by researchers in this field.  
The new generation of Silicon Carbide SiC and Gallium Nitride GaN [4] [5] power devices 
have the potential to offer significant improvements to power electronic concepts. These 
devices have the ability to operate at higher temperatures and higher switching frequencies, 
which, in turn, means increased performance, higher efficiencies and higher power densities. 
With higher current density chips compared to their silicon counterparts, smaller packages 
could be obtained, also if operating frequencies are increased, the physical size of the passive 
components can be reduced, while maintaining or improving efficiency [6]. The inclusion of 
Silicon Carbide (SiC) devices can have a dramatic effect on the converter. In a previous study 
[7], a comparison of an all silicon matrix converter switching at 8kHz had the same efficiency 
as a hybrid SiC Si (SiC schottky barrier diodes used instead of Si PN diodes) matrix converter 
operating at 19kHz. This could have a significant impact on the size and weight of the passive 
filter components. However, the advantageous features of these new devices cannot be 
presently fully utilised due to the packaging technologies being presently employed and there 
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are a significant number of issues which require consideration including the inter-component 
interactions of the power converter [8]. 
The work in this paper is based on a modular commutation circuit concept. Here, instead of 
the typical approach to creating high current converters where an increasing number of device 
die are bonded in parallel, requiring the use of paralleling gate resistors which then in turn 
slows the devices to such an extent that the advantages start to diminish, a smaller, optimized 
commutation cell is used in parallel with other commutation cells to create a larger power 
converter. This has the advantage that the commutation inductance can be optimised locally 
and the switching behaviour of the devices is then not compromised. This means however that 
an output inductor is needed for each commutation cell in order to be able to use these cells in 
parallel. 
The specific purpose of this study is to investigate the integration of inductors at the power 
module substrate level.  An added potential benefit of this would be that high speed power 
switching devices such as Silicon Carbide MOSFETs could be utilised the electro-magnetic 
interference emanating from the power module could be contained to some extent by creating 
internal filter configurations and ensuring that a clean, overshoot free commutation is possible. 
Integrated capacitances would also enable the stray inductances within the module 
commutation path to be further reduced compared to standard power modules, further 
enhancing performance.  
Integrated inductances 
The cooling of passive components, especially inductors is always challenging as the thermal 
management system needs to be designed to remove heat from the windings which are often 
buried or inaccessible. The advantage to having the inductors integrated into the power module 
is that the conductors could be constructed from the substrate materials and as such, will allow 
a direct conduction path from the winding to the outer surface and on to the thermal 
management system.  This means that very good heat transfer will be possible out of the 
inductors and devices.  One further possibility would be to use a double side cooled ` sandwich 
structure’ in order to further increase the thermal efficiency, allowing current densities which 
would normally not be possible in a standard inductor. High performance cooling technologies 
such as jet impingement cooling could also be used as the thermal management system which 
will reduce the temperature rise of the devices during operation. A schematic diagram of a jet 
impingement cooled sandwich module is shown in Figure 1-(a) [9] [10].  The concept for the 
power module containing a multitude of switching devices, each with its own output inductor 
170 
 
integrated into the substrate which is cooled by a liquid, jet impingement cooler is shown in 
figure 1-(b,c). 
 
 
Figure 1: (a) A schematic diagram of a double side cooled sandwich module (b)(c) Expected 
integrated topology of power converter [10]. 
 
The inductors were integrated, in between the two DBC (direct copper bonding) ceramic 
substrates forming the ‘sandwich module’ [11]. This module is usually cooled on its top and 
bottom side, providing larger amount of cooling to the devices. By using the sandwich 
assembly, a light-weight and compact module can be achieved. A schematic diagram of a 
sandwich module is shown in Figure 1-(a) where two DBC ceramic substrate tiles are directly 
cooled using jet impingement [12].  
The inductors were initially realised by cutting a spiral, solenoid from solid copper blocks and 
can be seen in Figure 2.  Several test inductors have been constructed with a different numbers 
of turns and different inner hole dimensions but utilising the same total volume for each 
inductor. Inductances range varying 0.13 µ H-0.8 µ H were achieved.  This shape chosen 
allows the inductors to be soldered or sintered directly onto the substrate in the sandwich 
package, as it is shown In Figures 2 & 3.  
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Figure 2:  Example of an air cored inductor prior to integration 
 
 
Figure 3: Air cored inductor soldered between two substrates prior to thermal testing 
 
Thermal simulation and experimental results 
In order to be able to model the complete package in the future, simulation models of the test 
inductors needed to be devised so that the experimental results could be used to fine tune and 
validate future simulations. ANSYS has been used to design the package and analyse the 
thermal characteristics. 
 
 
Figure 4: package sandwich structure, using air cored inductors A, H.  
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Figure 4 shows a sandwich structure consisting of two inductors. Inductor H (0.36 µH) has 16 
turns and cross-section (8 mm x 6 mm) with square hole (6mmx4mm), while inductor A has 
16 turns and cross-section (6 mm x 6 mm) with circle hole (D=6mm). The ceramic substrates 
are constructed from Al2O3. 
A liquid cooling jacket was added to the package shown in Figure 1 in order to perform 
thermal tests on the inductors. An investigation of the thermal effects in the package, when 
different values of current, up to 100A, were applied through inductor H, while no current 
passed through inductor A was carried out in both the laboratory and in simulation. The tests 
have been done while the sandwich modules are cooled directly with the cooling fluid being 
sprayed onto the outside of the substrate to improve the heat extraction. Fig 5 shows the 
experiment in the lab which consists of the sandwich structure with top and bottom coolers, 
flow rate meter and thermal measurements for pre and post liquid temperature in order to 
calculate the calorimetric losses.  
 
 
Figure 5: The lab experiment with the sandwich package and the cooling system. 
 
The experiment was carried out at ambient temperature of 25C°. A current was applied 
through inductor H, and was increased from 0 up to 100A; the maximum temperature of the 
inductor was measured using a thermal camera. The temperature of both input and output 
water of the cooler was also measured together with the coolant flow rate. All experimental 
results have been organized in table I. Both the ANSYS simulation results and lab results were 
similar and can be seen in Figure 6. These results show that the temperature of the inductor 
increases proportionally to the current through the inductor. It should be noted that, a 
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conductor cross sectional area of 1mm squared was used to construct the inductors and as 
such, a current density of up to 100A/mm squared was achieved with only a 60 degree rise in 
temperature. 
 
 
Table I: Maximum temperature of inductor H at various current’s values 
Inductor H (8 mm x 6 mm) with square  hole (6mmx4mm) 
Water flow rate = 104 mL/min 
Current (A) Water Tin C° Water Tout C° Inductor T C° 
20 25.92 25.99 30 
30 25.79 26.35 32.4 
50 26.14 27.71 38 
60 26.23 28.70 40.8 
70 26.33 29.93 46.2 
80 26.52 31.53 52.5 
90 26.64 33.55 67 
100 26.73 36.08 85.9 
 
 
Figure 6- The hot-spot temperature of inductor against the current-with cooling in both lab 
and ANSYS. 
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While Figure 7 shows a comparisons of inductor’s temperature A current 100A has been 
applied through inductor H, using Al2O3. It can be seen that the simulation matches the 
realistic experimental results. 
 
 
Figure 7: Inductor’s temperature comparison between (a) ANSYS and (b) lab at 100A. 
Conclusion 
The concept of integrating inductance structures into power module substrates has been 
introduced. The thermal aspects of the integrated inductances have been simulated and then 
validated against with lab prototypes. The feasibility of using high current density thus high 
power density inductors has also been presented and shows that this method of integrating 
inductors into the substrate and with the efficient path of the heat to the thermal management 
system works well.  
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7.3 Appendix C 
Figure 7.9 shows the parasitic capacitance matrix obtained by Maxwell Electro-Static 
Solver for the inductor (two winding in series next to each other each of 26 turns) and 
both are soldered on a copper DBC as is in Figure 4.9-(c) - no core material. 
 
Figure 7.9 - The parasitic capacitance matrix of the inductor as in 
arrangement in Figure 4.9-(c). All values are in pF.  
Figure 7.10 shows the inductance matrix of the inductor obtained by Maxwell 
Magneto-Static Solver for the inductor (two inductors in series next to each other each 
of 26 turns) as is in Figure 4.9-(b) at 5A-no core material. The total inductance is the 
sum of the self-inductance per turn and the mutual inductance for each turn with the 
other turns of the inductor winding. L-total is equal to 6 µH. 
turn 1 turn 2 turn 3 turn 4 turn 5 .   .   . turn 48 turn 49 turn 50 turn 51 turn 52 bottom subtrate
turn 1 6.0922 -3.5036 -0.0983 -0.037 -0.021 .   .   . -0.0032 -0.0075 -0.0265 -0.0571 -0.1002 -2.1555
turn 2 -3.5036 8.689 -3.4248 -0.0704 -0.0233 .   .   . -0.005 -0.0205 -0.0384 -0.0215 -0.0126 -1.5227
turn 3 -0.0983 -3.4248 8.745 -3.4798 -0.0709 .   .   . -0.0204 -0.038 -0.0206 -0.0054 -0.0055 -1.5124
turn 4 -0.037 -0.0704 -3.4798 8.8287 -3.5097 .   .   . -0.0379 -0.0204 -0.005 -0.0017 -0.0035 -1.5073
turn 5 -0.021 -0.0233 -0.0709 -3.5097 9.016 .   .   . -0.0203 -0.0048 -0.0014 -0.0009 -0.0026 -1.5048
. . . . . . .   .   . . . . . . .
. . . . . . .   .   . . . . . . .
. . . . . . .   .   . . . . . . .
turn 48 -0.0032 -0.005 -0.0204 -0.0379 -0.0203 .   .   . 8.5147 -3.3452 -0.0665 -0.0237 -0.0219 -1.4858
turn 49 -0.0075 -0.0205 -0.038 -0.0204 -0.0048 .   .   . -3.3452 8.5123 -3.3453 -0.069 -0.0393 -1.4902
turn 50 -0.0265 -0.0384 -0.0206 -0.005 -0.0014 .   .   . -0.0665 -3.3453 8.4634 -3.299 -0.0986 -1.4961
turn 51 -0.0571 -0.0215 -0.0054 -0.0017 -0.0009 .   .   . -0.0237 -0.069 -3.299 8.4223 -3.382 -1.5152
turn 52 -0.1002 -0.0126 -0.0055 -0.0035 -0.0026 .   .   . -0.0219 -0.0393 -0.0986 -3.382 5.8945 -2.1426
bottom substrate -2.1555 -1.5227 -1.5124 -1.5073 -1.5048 .   .   . -1.4858 -1.4902 -1.4961 -1.5152 -2.1426 80.074
CMnm (The mutual capacitance between the winding of the two inductors next to each other ); n and m =1,2,3,….52. 
Ctntn+1 (the turn to turn capacitance :between the turn and the adjutant turn);n and m =1,2,3,….52. 
Ctntn (the self-capacitance of one turn); n is the number of turn=1,2,3,….52. 
Cstn (The capacitance between the turns of the inductor and the bottom of the substrate) ;n =1,2,3…52
Ctntm (The capacitance between the turn and the non- adjutant turn); n and m =1,2,3,….52. 
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Figure 7.10- The inductance matrix of the inductor as in the arrangement in 
Figure 4.9-(b) at 5A-no core material, all values are in µH. 
7.3.1 Cascade two of two- port circuit 
Here the method of Cascade two of two- port circuit, [T1] & [T2] is explained as 
following: 
 
 
Figure 7.11- The Tow-port circuits in cascade. 
From Figure 7.11: 
[
𝑉1
𝐼1
] = [𝑇1] [
𝑉2
𝐼2
′]  
EQ 7.1 
 
turn 1 turn 2 turn 3 turn 4 turn 5 . . . turn 48 turn 49 turn 50 turn 51 turn 52
turn 1 2.43E-02 1.11E-04 1.53E-02 6.93E-03 3.80E-03 . . . -1.87E-05 1.13E-04 3.87E-04 8.76E-04 -5.10E-05
turn 2 1.11E-04 2.42E-02 1.24E-04 1.58E-04 2.04E-04 . . . -8.50E-05 -7.57E-05 -6.64E-05 -5.80E-05 1.26E-03
turn 3 1.53E-02 1.24E-04 2.41E-02 9.85E-03 5.06E-03 . . . 3.55E-05 2.28E-04 6.06E-04 1.15E-03 -5.44E-05
turn 4 6.93E-03 1.58E-04 9.85E-03 2.41E-02 9.84E-03 . . . 2.30E-04 6.08E-04 1.15E-03 1.15E-03 -6.23E-05
turn 5 3.80E-03 2.04E-04 5.06E-03 9.84E-03 2.42E-02 . . . 6.06E-04 1.14E-03 1.14E-03 6.01E-04 -7.09E-05
. . . . . . . . . . . . . .
. . . . . . . . . . . . . .
. . . . . . . . . . . . . .
turn 48 -1.87E-05 -8.50E-05 3.55E-05 2.30E-04 6.06E-04 . . . 0.02418 0.009801 0.005062 0.002909 0.000317
turn 49 1.13E-04 -7.57E-05 2.28E-04 6.08E-04 1.14E-03 . . . 0.009801 0.024192 0.00985 0.005068 0.000236
turn 50 3.87E-04 -6.64E-05 6.06E-04 1.15E-03 1.14E-03 . . . 0.005062 0.00985 0.023974 0.009888 0.000179
turn 51 8.76E-04 -5.80E-05 1.15E-03 1.15E-03 6.01E-04 . . . 0.002909 0.005068 0.009888 0.0239 0.000139
turn 52 -5.10E-05 1.26E-03 -5.44E-05 -6.23E-05 -7.09E-05 . . . 0.000317 0.000236 0.000179 0.000139 0.024374
L(turn1)
L(turn2)
L(turn52)
M1-2(mutual inductance between turn 1 & 2
M1-51(mutualinductancebetween turn 1 & 51
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[
𝑉2
𝐼2
′] = [𝑇2] [
𝑉3
𝐼3
′] 
EQ 7.2 
 
Thus  
[
𝑉1
𝐼1
] = [𝑇1][𝑇2] [
𝑉3
𝐼3
′] 
EQ 7.3 
[
𝑉1
𝐼1
] = [
𝐴1 𝐵1
𝐶1 𝐷1
] [
𝐴2 𝐵2
𝐶2 𝐷2
] [
𝑉3
𝐼3
′] = [
𝐴 𝐵
𝐶 𝐷
] [
𝑉3
𝐼3
′] 
EQ 7.4 
[T] =  [
𝐴 𝐵
𝐶 𝐷
] EQ 7.5 
A=𝐴1𝐴2 + 𝐵1𝐶2 EQ 7.6 
B=𝐴1𝐵2 + 𝐵1𝐷2 EQ 7.7 
C=𝐶1𝐴2 + 𝐷1𝐶2 EQ 7.8 
D=𝐶1𝐵2 + 𝐷1𝐷2 EQ 7.9 
This is when the input is a function of the output. Now we will find the inverse 
matrix thus we find the output as a function of the input, as the following: 
[
𝑉3
𝐼3
′] = [
𝐴 𝐵
𝐶 𝐷
]
−1
[
𝑉1
𝐼1
] = [𝐴
′ 𝐵′
𝐶′ 𝐷′
] [
𝑉1
𝐼1
] 
EQ 7.10 
 
[𝑇′] = [𝐴
′ 𝐵′
𝐶′ 𝐷′
] =
1
𝐴𝐷−𝐵𝐶
× [
𝐷 −𝐵
−𝐶 𝐴
] EQ 7.11 
 
𝐴′ =
𝐷
𝐴𝐷 − 𝐵𝐶
 
EQ 7.12 
 
𝐵′ =
−𝐵
𝐴𝐷 − 𝐵𝐶
 
EQ 7.13 
 
𝐶′ =
−𝐶
𝐴𝐷 − 𝐵𝐶
 
EQ 7.14 
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𝐷′ =
𝐴
𝐴𝐷 − 𝐵𝐶
 
EQ 7.15 
 
The transfer function: 
𝑇𝑟 =
𝑉2
𝑉1
 When −𝐼2 = 0  EQ 7.16 
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Figure 7.12- Capacitor Co PCB 
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Figure 7.13- Schematic PCB – capacitor Co 
The impedance of the capacitor is: 
𝑍𝐶 =
1
𝐽𝜔𝐶
 
EQ 7.17 
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Figure 7.14- The impedance Z of the output capacitor Co.  
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7.4 Appendix D 
 
Figure 7.15- Losses measurements DC-DC converter- part 1 schematics 
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Figure 7.16- Losses measurements DC-DC converter- the Connections to XMC 
Chipset 
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